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Summary

High Frequency (HF) data communication links remain relevant even in today's satellite era

because they offer beyond line-of-sight, indeed, potentially worldwide coverage, without using

third-party equipment's and without the per-minute costs associated with satellite services.

The disadvantage is that HF is a difficult medium to use, with significant channel distortion and

background noise at any given frequency.  This has severely limited the maximum data rate on

HF data modems to usually less than 2400 bits-per-second (bps) in the standard 3 kHz

voiceband channel allocation.  This thesis examines the design of a modem utilising novel

digital signal processing algorithms, together with purpose-designed trellis-coded modulation,

to enable effective communication at 2400, 4800 and 7200 bps over the HF channel.  A

generic modem design algorithm is presented, enabling the design of modems suitable for

channels which experience multipath propagation.  Steps are taken to ensure that the modem

implementation is both bandwidth and power efficient.  Several new trellis codes, which are

optimised to cope with the fading and noise encountered on typical HF channels, are presented

that significantly outperform previously published codes.
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   Chapter 1

Introduction

1.1 Description of the Problem

The High Frequency (HF) radio band has been used for many years for beyond-line-of-sight

communications.  This thesis examines ways to increase the data rate and reliability of HF data

modems through the application of modern signal processing and error-control techniques.

Originally the HF band was used for voice communications and morse code, however over the

last 20 years, data communications have become commonplace.  Despite the introduction of

satellite services, interest remains in HF data communications, largely for its price advantage

and freedom from ‘third party’ controlled equipment.  Unfortunately the noise and distortion

encountered on HF channels has presented a difficult challenge to high-speed modem

designers, limiting data rates to a maximum of 2400 bits per second (bps) in the 3 kHz

voiceband channel.  Thus there is a genuine requirement for high-speed HF modems offering

significantly better performance than those available to date.

The approach taken in this thesis is to examine the nature of the channel, establish an

appropriate channel model and describe the design of a complete modem to suit.  The modem

incorporates current algorithms, if they are suitable, and novel developments if they are not.

The areas of innovative research cover practical implementation and coding theory.  The

complete modem developed in this thesis, including the algorithms and error-control codes

have recently been commercialised by GEC-Marconi Systems in their Adaptive Radio Modem

ARM-9401 (GEC-Marconi, 1996).

It should be noted that while this thesis treats just the HF channel the results are general.  The

modem design algorithm is applicable any channel with multipath propagation and the

developed trellis-codes will improve performance over any Rayleigh fading channel, provided

sufficient data interleaving is employed.
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1.2 Original Contributions

The original contributions made in this thesis are:

• A generic method for designing parallel-tone modems suitable for multipath channels using

orthogonal frequency division multiplex (section 3.3 on page 24).

• Design and implementation of a frequency offset estimator using only the signalling tones

(section 3.4.2.2.2 on page 41).

• Design and implementation of a joint estimator for frequency offset and symbol timing

recovery (section 3.4.2.3 on page 42).

• A new method of designing trellis coded waveforms specifically for Rayleigh fading

channels.  The new codes achieve significant coding gain over previously published codes

(section 4.7 on page 65).

• The application of the new trellis code design method to a representative HF channel, that

is one which experiences Rayleigh fading with Laplacian (impulsive) noise, reveals that the

codes which overcome channel fading simultaneously solve the impulsive noise problem

(section 4.8 on page 88).

• A complete real-time implementation of an advanced coded-modulation OFDM modem

that incorporates the ideas from both the digital signal processing and trellis code design

work described in the earlier chapters (Chapter 5 on page 97).  This modem has

subsequently been commercialised.

1.3 Outline of Thesis

In Chapter 2 we review the major problems encountered when attempting to communicate

over the HF band; including fading, multipath propagation and noise from all sources.  The

review continues by examining two modem formats, currently employed for high speed

communications.  Testing of the two modem formats reveals that the major performance

difference is due to the application of appropriate error-control coding.  This guides the

research in two directions; firstly the design of efficient parallel-tone waveforms and secondly

the design of appropriate error-control coding.

Chapter 3 presents a methodology for designing parallel-tone modems using orthogonal

frequency division multiplex (OFDM).  The procedure allows modems to be designed which
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fully utilise the available channel bandwidth, while maximising the multipath tolerance.

Modems designed in this manner, solve the inter-symbol interference problem associated with

multipath propagation, leaving only channel fading and background noise to be tackled by

error-control coding.  The procedure is illustrated through the design of a high speed data

modem suitable for single-hop HF links in the Australasian region.  The chapter concludes with

a discussion of efficient methods used to implement both the data modulator and demodulator,

including descriptions of the estimators required.

Chapter 4 commences with a brief review of trellis-coded modulation, before presenting a new

technique for designing trellis codes.  The design methodology can be used to design codes for

any channel which can be described mathematically.  Examples are taken for non-fading and

Rayleigh fading channels with either Gaussian or Laplacian noise.  After examination of the

Rayleigh fading channel, code searches are undertaken for new codes, several of which

significantly outperform previously published codes.  The chapter concludes by tailoring the

code design to a representative HF channel, specifically one with Rayleigh fading and impulsive

(Laplacian) noise.  It will be shown that designing the codes to cope with Rayleigh fading

simultaneously optimises code performance for Laplacian noise.

Chapter 5 presents the results of testing a real-time implementation of the modem described in

Chapter 3.  The application of the new trellis codes outlined in Chapter 4 results in a modem

with superior bit error rate (BER) performance to the MIL-STD-188-110A modems at 2400

and 4800 bps.  The modem tests are conducted on the standard Watterson test channel.  For

completeness the testing includes a 7200 bps data rate suitable for favourable propagation

paths.  This chapter includes the results of using an automatic repeat request (ARQ) protocol

with the modem, to guarantee error-free data delivery.
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     Chapter 2

The HF Channel and Traditional Modems

2.1 Introduction

The main attraction of High Frequency (HF) communications is its beyond-line-of-sight

capability.  This is achieved by reflecting radio waves from ionised particles in the ionosphere,

referred to as skywave propagation.  Unfortunately, the ionosphere is not a perfect reflector

leading to many of the problems encountered when using the HF band for digital data

transmission.

The HF radio spectrum extends from 3 to 30 MHz.  Initially the HF band was used for voice

communications, which has led to the standard HF frequency assignment of 3 kHz bandwidth

intended for single-sideband modulation.  To minimise potential interference between adjacent

users, only 300 Hz to 3000 Hz is useable.

In this chapter we review the literature to determine the major factors that affect HF data

communications, including channel distortion and typical channel noise.  The study is restricted

to voiceband channels and is constrained to consider the observable phenomena rather than the

underlying physics.  Readers interested in the physics are referred to Davies (1990).

Having some understanding of the nature of the channel, we continue the literature review by

considering two competing modem formats currently used to transmit information at 2400 bps.

The examination exposes the significant differences between the modem formats; some

parameters affecting their performance and some of the equipment considerations required

when establishing high data rate links.

This chapter determines directions for research undertaken in the thesis.  It concludes that

reliable high speed data transfer requires a modem which is both bandwidth and power

efficient, and which utilises appropriately designed error-control codes.  Having shown that

there is no significant advantage of one modem format over the other, the decision is made to

concentrate on the computationally simple parallel-tone format.  Having selected the parallel-

tone modem format, the studies of Cook et al (1993) and Zhang and Giles (1995) lead to the

selection of trellis-coded modulation to provide the forward error-control.
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2.2 The Attraction of HF Radio

The HF band offers several unique features that make it attractive for military users.  These

include potentially world-wide coverage, its inherent resilience to counter-measures, and its

independence from foreign owned and controlled communications assets.  Indeed the

Australian Military is currently undertaking a major upgrade of its HF communications for use

in the 21st century (Vyden and Wilson, 1997) as is the Swedish army and navy (Griffith, 1997).

Another prime motivator for the use of HF has been that it has a considerable price advantage

over voiceband satellites services in terms of both the initial equipment purchase price and the

on-going cost to use the service.  The imminent introduction of low earth orbit and medium

earth orbit satellites may well reduce this difference, however HF can be expected to enjoy a

price advantage when it is necessary for long distance circuits to be connected for extended

periods of time.

Frequency management has traditionally been a problem for users of the HF channel.  The

introduction of the FED-STD-1045A (1993) automatic link establishment (ALE) protocol has

taken a significant step towards solving this problem.  Other frequency management schemes

have been trialed successfully, for example Asenstorfer and Scholz (1997) describe the

LONGFISH experiment which maintained fully-automatic communications to a naval vessel as

it circumnavigated Australia.

Finally, several new HF modems are now available on the commercial market that offer data

rates considerably higher than traditional modems.  These include Sanders CHESS (Herrick

and Lee, 1996) and SiCOM™ VIPER (Putnam, 1996).  These modems will not be considered

further, since both use significantly more bandwidth than the 3 kHz voiceband channel.

Nevertheless their existence proves that there is still a niche-market for specialist applications

of HF data communications.

2.2.1 Skywave Propagation

Skywave propagation is achieved by reflecting radio waves from many small ionised particles in

the ionosphere as shown in Figure 1.  This results in the amplitude of the received signal

fluctuating as more or less particles reflect the radio wave.  Picquenard (1974) reports that the

amplitude of the received signal is Rayleigh distributed, while the phase of the received signal

is generally taken to be uniformly distributed.  In addition the ionospheric layer is constantly



6

moving, so the distance that the radio waves travel is changing.  These effects combine to

spread the signal in both time and frequency.

Skywave

Groundwave
short distances only

Ionosphere
100-300km

Figure 1: Typical HF propagation paths

Often more than one ionospheric layer reflects the signal, a phenomenon known as multipath

propagation.  Different path lengths lead to the received signal comprising several copies of the

same signal, each arriving at different times.  The sum of all the signals results in frequency

selective fading in the passband of the modem.  (The interested reader is referred to Maslin,

1987 for more information).

Based on the above observations and a number of assumptions, Watterson et al (1970)

proposed a statistical channel model.  The model attempts to simulate both the multipath and

frequency dispersive nature of the HF link.  To model every possible HF channel would be

impossible, so the CCIR (1986) proposed three standard simulation channels termed Good,

Moderate and Poor.  The channels comprise two equal-amplitude, independent Rayleigh fading

skywave paths representing reflections from different layers in the ionosphere.  Testing is

performed with the time-delays and average fade rates given in Table 1 in the presence of

different amounts of additive white Gaussian noise (AWGN).

Good Moderate Poor

Time Delay Spread 0.5 ms 1 ms 2 ms

Fade Rate 0.1 Hz 0.5 Hz 1 Hz

Table 1: CCIR test channel parameters
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The CCIR test channels have formed the basis for modem comparisons for many years, but are

limited to investigating the ability of a modem to cope with two equal amplitude propagating

paths, both with time-varying amplitude and phase.  An alternative channel modelling approach

presented by Giles and Willoughby (1993) records actual ionospheric channels.  The recorded

channels can be replayed in a controlled fashion to provide modem testing on observed HF

channels.  This method makes no assumptions about the channel, but suffers the same

limitations as the original Watterson model with respect to the appropriateness of the channels

used for comparison.

2.2.2 Groundwave Propagation

Beyond line-of-sight communications is possible when the radio-wave follows the earth’s

curvature.  Over land the “groundwave” (shown in Figure 1) can propagate up to

100 kilometres, while over water “surfacewave” can travel up to 300 kilometres.  This is

essentially an AWGN channel and is not subject to the fading phenomena observed on typical

skywave paths.  As such the channel does not present any real challenge to the HF modem

designer and will not be considered further in this thesis.

2.2.3 Noise

A discussion of the HF channel would not be complete without considering the nature of the

noise.  The CCIR (1986) recommendations for use of the Watterson model, specify the

addition of white Gaussian noise to the signal.  Most HF users know from experience that the

background noise on an HF channel is not “Gaussian hiss”; typically it is full of “cracks”,

“pops” and “whistles”, which emanate from both natural and man-made sources.  Cook et al

(1994b) and Britton and Scholz (1995) provide a comprehensive study of the characteristics of

HF noise in the Australasian region.

Man-made noise is the dominant source of noise at most sites.  It arises from many sources,

including electrical machines, power lines and ignition systems.  It decreases with increasing

frequency, and varies considerably with location.  The dominant natural source of noise is

atmospheric noise, produced mainly by lightening discharges.  Maslin (1987) states that atmospheric

noise predominates in quiet locations at frequencies below about 20 MHz.
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Figure 2 (taken from Cook (1995)) shows a typical histogram1 of measured HF noise voltage

at 5.4765 MHz in the Australasian region.  Overlaid on the figure is the histogram of Gaussian

noise of the same noise power as the measured noise.  The measured noise had a much greater

probability of high energy samples.  Indeed the noise saturated the analogue-to-digital

converter 28 dB above the average power.  The noise bursts lasted from a few tens of

milliseconds to over a second.

0 200 400 600-200-400-600
1E-01

1E+00

1E+01

1E+02

1E+03

1E+04

1E+05

1E+06

Figure 2: Comparison of histograms of measured HF noise and Gaussian noise of the same noise power

We note that typical HF noise is non-Gaussian, with a much greater probability of high energy

noise samples.  Following the work of Giles (1995), we assert that the Laplacian distribution

provides a better description of real HF noise.  In latter sections we will use this assertion

when considering the design of suitable error-control codes (where we also find that the actual

distribution makes very little difference).

2.3 Modem Types Employed Successfully for High Rate Voiceband HF

Communications

Much of the early research into HF communications was undertaken for military users and

MIL-STD-188-110A (1991) describes three modems suitable for data rates of 2400 bps.  In

chronological order the modems are the 16-tone, 39-tone and single-tone modems.  The three

modems comprise two fundamentally different modem formats; the first two represent parallel-

tone modems, while the most recent addition uses only a single signalling tone.

                                               

1 Normalisation of the histogram would result in the probability density function (pdf) of the noise.
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2.3.1 Parallel-Tone Modems

Mosier and Clabaugh (1958) presented a description of the first HF parallel-tone modem.  The

fundamental concept behind the success of the parallel-tone modem is to extend the length of

the channel symbol such that time-delay spread of the signal becomes a small fraction of the

total symbol length.  The receiver is then able to combine the signals from the various sources

with negligible loss.  The beginning of the symbol is ignored because this contains the symbol

transitions of all the multipath components; it is referred to as the guard-time.  The original

data rate is maintained by transmitting multiple signalling tones in parallel.

The first MIL-STD parallel-tone modem is the 16-tone modem.  It transmits 16 data tones

each employing differential QPSK to achieve a data rate of 2400 bps.  An additional

unmodulated tone is provided to enable correction of any frequency offset errors in the

transmitting and receiving equipment.  The advantages of the parallel-tone format are its

simplicity and spectral efficiency.  The disadvantage is the poor power efficiency.

Summarising the losses: the use of differential signalling loses about 2.3 dB (Proakis, 1989

page 271); the Doppler correction tone is 7 dB larger than the data tones, wasting 1.1 dB; and

the guard time effectively reduces the received signal power by another 1.6 dB.  The result is a

modem that is 5 dB worse than theoretically possible for ideal coherent demodulation.

The second MIL-STD parallel-tone modem is the 39-tone.  While the 16-tone modem was

uncoded, the 39-tone uses a shortened (14,10) Reed-Solomon block code to provide forward-

error control.  The 39-tone modem uses more of the 3 kHz channel and transmits data at a rate

of 3467 bps, which after error-control coding results in a final data rate of 2400 bps.

Fundamentally the 16 and 39-tone modems are very similar, but the addition of the error-

control code gives the 39-tone modem a significant performance advantage.

2.3.2 The Single-Tone Modem

The single-tone modem is the most recent addition to MIL-STD-188-110A.  The waveform

comprises a single tone, so a time-delay spread in the order of a few milliseconds causes

significant amounts of inter-symbol interference (ISI).  To overcome this an equaliser estimates

and compensates the channel distortions, thereby removing the ISI.  The MIL-STD single-tone

modem uses probe sequences to measure the channel distortion.

The probe sequence must be long enough to cope with the maximum amount of time-delay

spread and frequent enough to allow the equaliser to track changes to the channel impulse

response.  The probe sequence does not carry data, so it represents lost signalling power.  The
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advantage of the probe sequence is that it allows the demodulator to use coherent detection.

At 2400 bps the probe sequence is 16 symbols every 48, resulting in the single-tone modem

having a performance only 1.8 dB worse than theoretically possible for ideal coherent

demodulation.

The single-tone modem uses a rate 1/2 convolutional code as the basis for its error-control

scheme.  At 2400 bps three data bits are encoded to produce six bits.  The six bits are

interleaved before being mapped onto two 8PSK symbols.  The mapping of the encoded bits to

the transmitted symbols is not optimal, resulting in poor performance of the 2400 bps mode on

AWGN channels.  Indeed Morris and Gill (1997) demonstrate that the addition of an

appropriately selected trellis code to the MIL-STD waveform results in a modem which

provides 3200 bps at lower BER than the 2400 bps modem described in the MIL-STD.

2.4 Comparative Testing

The two modem formats outlined in the MIL-STD represent very different approaches to the same

problem, that is the provision of high speed data communications over HF channels.  This section

considers whether one modem format is fundamentally better than the other.  The comparison is

mainly based on the interference tolerance of the two formats.

2.4.1 Carrier Wave Interference Tolerance

Co-channel interference from other HF users is a problem, and the interested reader is referred to

Bark (1997) for a study of the wideband occupancy of HF channels.  Even low levels of co-channel

interference can seriously degrade the bit error rate (BER) performance of modems.  We therefore

consider the interference tolerance of the three MIL-STD modems.

Pennington (1987) reported that the single-tone and 16-tone 2400 bps modems displayed quite

different performance in the presence of co-channel interference.  This is verified by Cook

(1995), who reported carrier wave (CW) interference tests on the three MIL-STD modems.  In

this test the interferer is simply a fixed frequency sine wave and there is no channel distortion

or noise.  Figure 3, taken from Cook (1995), shows the results of the test.
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Figure 3: Performance of MIL-STD-188-110A modems in the presence of sine wave interference

The performance of the 16-tone modem is the easiest to explain, because of its simple

demodulator and absence of error-control coding.  The 16 data tones are demodulated using

an FFT with a rectangular time window.  Only when the frequency of an interfering sine wave

coincides with one of the signalling tones will its frequency transform be concentrated into a

single FFT bin.  When this occurs only the centre tone is obliterated resulting in an error rate of

1/32 for all interferer levels liable to cause errors.  If the interfering frequency falls between the

signalling tones, the calculation of the FFT will spread the energy of the interferer across all the

tones.  The rectangular time window used in the FFT results in the energy spill having sinc

sidelobes (Harris, 1978) centred around the actual interference frequency.  The sidelobes of the

interferer degrade the performance of all the signalling tones, resulting in complete modem

failure at modest interferer power levels.

The 39-tone modem tests reveal that it is also sensitive to the position of the interferer.  When

the interferer is placed on the centre of a signalling tone, Cook reports that it is very

vulnerable, and has little to commend it over the 16-tone modem.  When the interfering tone is

placed between the signalling tones, the modem is the most robust, providing reliable data

communications at signal-to-interferer ratios above 5 dB.  The only significant difference

between the 39-tone and 16-tone modems is the addition of error-control coding.

The single-tone modem is not sensitive to the frequency of the interferer and performs very

well when the signal-to-interferer ratio is above 12 dB.  As the level of the interferer increases

the BER performance of the modem degrades rapidly.  For signal-to-interferer ratios less than

7 dB the modem is unable to achieve any communications.  Cook hypothesised that this was

due to equaliser failure.  To test this hypothesis he removed the effects of the error-control

coding by plotting the 4800 bps curve.  That curve (labelled ‘Single-tone FEC off’) is also
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shown in Figure 3 and reveals that there is nothing fundamentally robust about the single-tone

waveform.  The equaliser has trouble with even low levels of interference, but the error-control

coding is sufficient to correct most of the errors.

More recent versions of the single-tone modem are available with excision processing that can

remove narrowband interference.  Cook examined one such modem and found that while it

took around five seconds to remove an interferer, once adapted, it was able to remove

exceptionally large signals.  Such modems can typically cope with four narrow-band

interferers.

To summarise, the performance of the single-tone modem is no better than the parallel-tone

modems in the presence of interference.  While it is possible to add interference excision

processing before the demodulator, this is equally applicable to the parallel or single-tone

modems.  In either case, the deficiencies of the waveform require powerful error-control

coding to give them credible performance.

2.4.2 Implementation Cost Comparison

The fundamental design of the MIL-STD parallel-tone waveforms was kept as simple as

possible, to allow early implementations to use filter banks to demodulate each of the tones.

With the advent of digital signal processing, the hardware filter banks were simply replaced

with a discrete Fourier transform.  The modem is therefore computationally very simple to

implement.  In addition there are very few parameters which require “fine-tuning” in order to

successfully implement the basic waveform.

In contrast, practical implementation of the single-tone modem has only been possible with the

ready availability of affordable digital signal processors.  The implementation of the equaliser is

computationally expensive and the performance of a given single-tone modem is determined by

many equaliser-related parameters.  Modem testing using the replay simulator (Giles and

Willoughby, 1993) revealed that some equaliser designs which work well on the simulated

Watterson channel, fail completely when used on real HF channels.

2.4.3 Use of Probe Symbols versus Differential Signalling

The MIL-STD parallel-tone modems use differential signalling, while the MIL-STD single-

tone modem employs probe symbols to achieve coherent demodulation.  The difference is not

due to the single/parallel decision, indeed Gill (1994) describes a parallel-tone modem which

uses probe symbols and coherent demodulation.  High data rates require efficient use of both
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the available power, bandwidth and transmission time, so we examine some of the advantages

and disadvantages of the two waveforms against these criteria.

At 2400 bps, the MIL-STD parallel-tone modems use differential QPSK signalling that is about

2.3 dB less power efficient than fully coherent demodulation (Proakis, 1989 page 271).  In

addition the guard-time used in the modem costs another 1.1 dB.  In the single-tone modem,

the insertion of probe sequences represents a power loss of 1.8 dB.  The single-tone modem is

therefore about 1.6 dB more power efficient than a differential parallel-tone modem.  While

this thesis concentrates on high speed data communications, we note that at 1200 bps the

single-tone modem increases the length of the probe sequence to 20 symbols every 40 symbols,

resulting in a 3 dB loss, while the parallel-tone modem uses differential BPSK which has a

1 dB loss (Proakis, 1989 page 271).  At this data rate the single-tone modem is 0.9 dB less

power efficient than the parallel-tone modems (both figures ignore the Doppler correction tone

commonly used in parallel-tone modems).

The insertion of probe symbols into the data stream reduces the available data transmission

time.  As a consequence, for a given data rate the single-tone modem requires the use of

denser constellations than a parallel-tone modem.  To obtain 4800 bps after coding, the

MIL-STD single-tone modem requires the use of 16QAM with rate R = 3/4 coding (Morris

and Gill, 1997).  This compares to the 52-tone OFDM modem (to be described in Chapter 3)

which is able to achieve 4800 bps when using 8PSK with R = 2/3 coding.  The 8PSK

constellation is considerably more power efficient than 16QAM, and the R = 2/3 code gives

slightly more coding gain than the R = 3/4 code.  This highlights the penalty incurred by the

probe symbol sequences.

2.4.4 Synchronisation

The three MIL-STD-188-110A modems have different requirements for synchronisation.  All

the modems require symbol timing recovery and frequency offset estimation before they can

demodulate the signal.  In addition those modems using error-control coding require

synchronisation of the start of the interleaver block.  All three modems employ preambles to

aid synchronisation which consists of a sequence of bits which has good timing properties and

includes sufficient information to allow interleaver synchronisation.  Missing the preamble

usually results in the complete loss of a data block.
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2.4.5 Diversity Reception

Diversity reception can enhance the performance of modems particularly when sufficient data

interleaving is not possible.  Data interleaving is undesirable for the transmission of digital

speech, when the delay is not acceptable, and when using an ARQ protocol, where the

interleaving distributes the errors reducing the overall efficiency of the protocol (Kumara and

Cook (1994) and Merchant (1995)).  These are the primary reasons for developing a high

speed HF data modem, so it is important that it offers good performance with minimal

interleaving.  There are several forms of diversity reception, all of which require additional

equipment.

Space Diversity requires two antennas and two receivers to receive the incoming signal.  If the

two antennas are sufficiently separated the fading will be uncorrelated, allowing demodulation

even when one antenna experiences a fade.  In order to decorrelate the fading, the two

antennas should be placed several wavelengths apart.

Polarisation Diversity requires two receivers and two antennas set to receive different

polarisations.  The fading is uncorrelated at the two antennas due to the ionosphere affecting

the two polarisations differently.  Polarisation diversity gives a similar performance

improvement to space diversity without the need to separate the antennas.

Frequency Diversity requires two exciters, two receivers and extra frequency allocations.

Ionospheric propagation is frequency dependent, resulting in uncorrelated fading on two

separate frequencies.  An advantage over space diversity is that co-channel interference is

likely to be very different in the two bands, resulting in uncorrelated noise and slightly more

gain (We note that independent sideband operation requires only one suitable exciter and

receiver).

Diversity reception combines signals from separate receivers, which requires more

demodulators.  The high computational load of the single-tone demodulator usually requires

additional modem receivers to be employed for diversity operation and the use of sub-optimal

techniques to combine the outputs.  In contrast, the low computational load of the parallel-

tone modem allows implementation of a second demodulator in the one unit, indeed many

multi-standard modems boast diversity inputs for parallel-tone modems, and by combining the

symbols before error-control decoding they achieve near optimal performance.

Figure 4, taken from Gill et al (1995), shows the performance of a parallel-tone modem

employing diversity reception on the CCIR Good channel with minimal data interleaving.  At
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2400 bps the addition of diversity gives the parallel-tone modem a 10 dB performance

advantage over the MIL-STD single-tone modem at a BER of 10-4.
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Figure 4: DSTO 16-tone modem performance on CCIR Good channel with diversity
reception and minimal data interleaving

(2400 bps single-tone modem for comparison - diversity not available)

2.4.6 Duplex Operation

Full duplex transmission requires the receiver to be protected from interference from the

transmitter.  This is frequently achieved using physically separate receive and transmit antennas

and special notch filters to remove the transmit frequency from the receiver.  If the transmitter

is too close to the receiver, in either distance or frequency, receiver performance will be poor.

The expense of notch filters, real-estate requirements and the complexity of dual frequency

management precludes the use of full duplex links in all but a few specialised applications.

The alternative is to share the channel using time-division duplex (half-duplex) transmissions.

Here each end of the link achieves synchronisation and then each end alternates between

transmit and receive.  The only problem encountered using this technique is the turn-around

time from transmit to receive operation.  Measurements on several (relatively modern)

equipments have revealed turn-around times in excess of 100 milliseconds.  This precludes high

change over rates and the rapid acknowledgement of the information transmitted.

To maximise data throughput, preambles at the start of each transmit cycle should be avoided.

In the single-tone modem a preamble is required to achieve the initial channel estimate, before

demodulation can be attempted.  In the parallel-tone modem, the preamble consists of a single

channel symbol to provide the DPSK reference phase (assuming that the symbol timing

recovery can be maintained, which is straight-forward given typical parallel-tone symbol
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lengths).  This gives the parallel-tone modems an advantage over the single-tone modems when

considering half-duplex transmission.

2.5 Equipment considerations

In order to achieve reliable communications it is necessary to have an adequate signal-to-noise

ratio (SNR) at the receiver.  HF communications, unlike satellite communications, cannot

easily improve the received SNR.  High gain antennas are possible, but are often impractical

due to their large size, for example a rhombic antenna giving nearly 20 dB of gain at 20 MHz is

150 metres long.  Transmitter power is usually limited by equipment, regulations and health

and safety considerations.  Typical semiconductor power amplifiers are limited to around

1 kW.  Power levels above this require either valve technology or parallel designs, both of

which are expensive and well beyond typical HF users.

In modem trials the DSTO has traced poor performance of the parallel-tone modems to

incorrect equipment installation.  Preiss (1996b) measured time-delay spreads in excess of

10 milliseconds in the microwave bearers connecting the HF receive site to the modem.

Despite this, the single-tone modem continued to function with a BER around 10-3,

demonstrating its robustness to sub-optimal equipments.  We conclude that for reliable high

speed data communications the transmit and receive paths must be installed correctly.

HF
Modem

HF
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Data
Source

Power
Amplifier

Frequency Stability
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Passband Shape

Available Power GainPeak-to-average

Figure 5: Equipment considerations in the HF transmit path

Figure 5 shows the equipments involved in a typical HF transmit path.  The figure lists

concerns that should be addressed when establishing any high performance communications

link.  Figure 6 repeats the list of concerns, but from the perspective of a typical HF receive

path.  Of importance in the context of this thesis are the requirements placed on the HF

modem.  In the transmit path it must address the peak-to-average power ratio whereas in the

receive path it must be able to track and compensate errors in the frequency standards used at

the transmit and receive sites.
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Figure 6: Equipment considerations in the HF receive path

2.5.1 Peak-to-Average Power Ratio

The addition of multiple harmonically-related tones results in the parallel-tone waveform

having a poor peak-to-average power ratio.  This ratio can be reduced to around 6-7 dB by

clipping the waveform (discussed in Chapter 3).  Single-tone waveforms employ root Nyquist

transmit filters, resulting in peak-to-average power ratios around 4.5 dB.  If the power

transmitter is peak-voltage limited, the parallel-tone modem will suffer a 2 dB reduction in the

transmitted power, however this can be avoided by using a transmitter which is average power

limited.  We therefore conclude that the appropriate selection of power amplifier can minimise

the effect of the parallel-tone modem’s higher peak-to-average ratio.

2.5.2 Frequency Stability

Most high quality exciters and receivers employ a good frequency reference, giving an

accuracy better than 1 part in 106.  Assuming this to be the worst case, at a frequency of

30 MHz the modem must be able to cope with a frequency error of 60 Hz.  This error must be

measured and compensated for by the HF modem, thus it is not surprising that the MIL-STD

specifies that the 16- and single-tone modems should be capable of correcting 75 Hz offsets.

Fortunately these frequency offsets tend to drift slowly, so it is not difficult to track the gradual

changes.

2.5.3 Automatic Gain Control

Automatic gain control (AGC) is added to most commercial exciters to compensate for

differences in input signal amplitude, especially when transmitting analogue voice signals.  The

AGC in some commercial exciters can significantly degrade the performance of parallel-tone

modems.  Observation showed that as the exciter gain changes, the phase of the signal also

changes.  For voice communications the phase change is of no consequence, but it causes

significant problems for modems employing PSK signalling.  Some modern exciters have a

programmable threshold above which the AGC is inoperative.  Selecting the threshold to be
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very low effectively disables the AGC, but care must be taken to avoid amplifier clipping while

ensuring the transmission of maximum power from the antenna.

Receivers also employ AGC in order to cope with the unknown and time-varying path losses.

As was the case for the exciter, the major problem is phase rotation as the AGC level changes.

Receivers often offer a choice of time constants for the AGC.  Selection of the longest time

constant is best for data communications as this prevents rapid gain changes arising from

channel fades.

2.5.4 Passband Filter Shape

The passband shape of the exciter and receiver filters should be flat with little group delay

distortion.  For the parallel-tone modem a non-flat passband results in some of the tones being

received with less power and therefore degraded performance.  Differential group delay

distortion results in some tones arriving ‘before’ other tones, reducing the multipath tolerance

of parallel-tone modems.  Usually both these problems are more significant near the band-edge.

Modern ‘digital’ receivers and exciters offer flat passbands with relatively flat differential

group delay distortion.  The single-tone modem is less sensitive to both these effects, since the

equaliser is able to compensate.

2.6 Conclusion

A brief study of HF propagation reveals that it is a very challenging environment in which to

attempt high speed data communications.  The nature of the channel and the receiver site noise

severely hampers the ability of modems to achieve reliable low error rate data communications

without the use of powerful error-control coding.

A study of the current MIL-STD single- and parallel-tone modem formats, revealed only minor

advantages or disadvantages when considering the uncoded waveforms.  The parallel-tone

modem was slightly more robust than the single-tone when considering tolerance to carrier-

wave interference, while the single-tone modem is 1.6 dB more efficient than the 16-tone

modem when no error-control coding is applied.  The complexity of the equalisers employed in

the single-tone modem represent a considerable computational effort, and the probe symbols

used to train the equaliser limit the maximum data rate that the modem can carry.

With only minor advantages or disadvantages to each waveform type, it was decided not to

dilute the research effort and concentrate on one waveform type.  The parallel-tone format was
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chosen because it is spectrally efficient and simple to implement, which frees up processing

capacity for sophisticated error-control schemes.

Regardless of the modem format, the greatest potential for performance improvement is the

application of appropriate error-control codes.  In Chapter 3 we will present a basic parallel-

tone HF modem, suitable for the transmission of high speed data.  Having selected the parallel-

tone format we use the studies of Cook et al (1993) and Zhang and Giles (1995) to select

trellis-coded modulation to provide the error-control coding.  The design of appropriate trellis

codes will be considered in Chapter 4.
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     Chapter 3

A Basic Waveform Type for High Rate HF Data Communications

3.1 Introduction

In this chapter we will attempt to realise the full potential of the parallel-tone format by

optimising the waveform design.  Rather than design a particular modem, we present a novel

generic design methodology for parallel-tone modems employing orthogonal frequency

division multiplex (OFDM).  After presenting the basic principles of OFDM, the generic

algorithm is discussed with several practical examples suitable for HF channels.

The chapter concludes by describing methods employed to enhance the modem and allow real-

time implementation on a digital signal processor (DSP).  This includes the development of

new estimators specifically for the OFDM modem.  Particular emphasis is placed on reducing

computational complexity so that more elaborate error-control coding can be added to the final

data modem.  Chapter 4 will discuss the selection and design of appropriate error-control

coding for the modem.

3.2 OFDM Waveform Design

A parallel-tone modem transmits its information on multiple tones.  This is not a new concept,

as outlined in Chapter 2, Mosier and Clabaugh (1958) suggested the technique for data

modems suitable for HF channels.  More recent works, such as Shelswell (1995), have

“rediscovered” the technique for radio channels which suffer multipath propagation.

We need to determine the restrictions on the individual tone frequencies that the demodulation

algorithm requires.  For any parallel-tone waveform the pth tone will consist of a sinusoid Sp(t),

frequency fp, with phase φp(t) and amplitude Ap(t) representing the modulation applied to the

tone for each symbol period.

( ) ( ) ( )[ ]( )s t A t j f t tp p p p= +exp 2π φ (1)

For a parallel-tone modem employing Nt tones, the transmitted signal s(t) is the sum of the

individual tones:
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By appropriate selection of the individual tone frequencies, it is possible to ensure that they do

not interfere.  For high speed communications it is very important that the signal is spectrally

efficient.  One spectrally efficient waveform overlaps the sidelobes, but selects the individual

tone frequencies so that they are orthogonal.

In order to determine the tone spacing we consider how the signal will be demodulated.  We

sample the input signal at a rate fs and then employ the discrete Fourier transform (DFT) to

extract the frequency components.  The kth frequency component calculated using an N point

DFT is given by:

( ) ( ) ( )S k f s n f j nk Ns
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N
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where S(k∆f) is the kth frequency component

s(n/fs) is the sampled time series

∆f=fs /N is the frequency resolution of the DFT

For the DFT to correctly calculate the frequency spectrum the signal must be repetitive beyond

the N point sample.  This will occur when the input signal only contains harmonics of the

length of the DFT.  Substituting t=n/fs into equation (2) and comparing the complex exponent

in equation (3) reveals the tone spacing:

f
kf

Np
s= (4)

We conclude that the condition for correct demodulation is that the tone frequencies are

integral multiples of the frequency resolution of the DFT, that is fs /N.  In addition it is vitally

important that Ap(t) and φp(t) are held constant for the length of the DFT.  Further, the

modulation of each tone must be applied to all tones simultaneously.

Note that the sidelobes of individual tones actually overlap.  The tones are only orthogonal

when they are centred on the tone frequency.  Figure 7 shows three modem tones being

summed with the resultant Fourier transform.  Holding the amplitude of each tone constant for

the length of the DFT is the same as employing a rectangular data window, so the sidelobes of

each tone have a sinc roll-off, with nulls spaced fs /N apart (Harris, 1978).
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FT

Figure 7: Summation of periodic time sequences and their corresponding Fourier transform

Placing subsequent tones on the nulls of existing tones ensures that each can be independently

demodulated.  Frequency errors result in the tones not falling on the nulls of the other tones,

resulting in degraded modem performance.  The degraded performance is due to the

demodulator adding energy from the sidelobes of the other tones to the wanted tone.  The

amount of energy spill is dependent on the size of the frequency error.  Small frequency errors

result in only very slightly degraded performance, easing the requirement of frequency

correction.

The input signal must only comprise harmonics of the length of the DFT, if this is not the case

then DFT spill occurs, where energy from the sidelobes of other tones is added to the desired

tone.  Usually a time windowing function is applied to increase the attenuation of the sidelobes,

thereby reducing the influence of frequency errors.  A superb reference for these windows is

Harris (1978)2.  Unfortunately time window functions affect the spacing of the spectral nulls,

which will result in either inter-tone interference or less efficient use of the available spectrum,

as such they are of limited usefulness for modems employing OFDM signalling.

Data is modulated onto the parallel-tone waveform by controlling Ap(t) and φp(t) as defined in

(2).  For correct demodulation using the DFT, the values are held constant for the entire

symbol period and applied to all tones simultaneously.  For M-ary PSK signalling we set

Ap(t)=1 and select the phase from:

( ) { }φ πp t d M d M= = −2 0 1; K (5)

                                               

2 It is possible to apply “Nyquist” windows which do not affect the tone spacing.  Unfortunately Harris does not
describe this technique and the reader is referred to Giles (1994) for a description of how to design and apply
these windows (a suitable modem on which to apply this technique is mentioned in section 3.3.6)
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The samples used in the DFT must all come from the same symbol, they must not extend

beyond the symbol boundary.  Processing across a symbol boundary results in energy spill into

other DFT frequency bins.  Multipath propagation results in signal transitions within the

symbol, which must be addressed to avoid this spill.

3.2.1 Extension to channels which experience multipath propagation

Figure 8 shows three modem formats which are transmitting the same data rate.  In the top

waveform all the data is transmitted on a single tone.  In the second waveform the information

is transmitted on two tones, so the symbols are twice as long.  While the bottom waveform

transmits all the information on eight tones, so each symbol is eight times longer.  The shaded

section shows the expected multipath delay spread that could be encountered on the channel.

In the single-tone modem, the multipath spread causes significant inter-symbol interference

(ISI).  In the eight-tone modem, the increased length of the symbol has decreased the

percentage of the total symbol length which is affected by the multipath delay spread.  If the

possibly affected segment of the waveform is sufficiently short, then it can be simply ignored

with only a minor loss in modem performance.

1 tone

2 tones

8 tones .
.
.

.

.

.

Possible Multipath Time Delay Spread

Figure 8: Use of multiple tones to reduce the impact of channel multipath time delay spread

As shown in Figure 8, multipath propagation causes overlap of the channel symbols, but

OFDM signalling is still possible, provided that the DFT does not process any of the symbol

boundaries.  This can be achieved by ensuring that the receiver ignores those sections of the

input which contain symbol transitions from any multipath components.  The ignored section

of the input is referred to as the ‘guard-time’.  The addition of guard-time to the original

transmitted signal preserves the tone spacing, but reduces the symbol rate.  As guard-time
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represents wasted signal power and reduces the symbol rate it should not exceed the maximum

expected multipath delay of the channel.

While the use of OFDM with guard-time has elegantly solved the ISI problem which results

from multipath propagation, it does not address the fading.  Each tone will still be subject to

the effects of flat and frequency selective fading.  This is an important point, since it determines

the types of error-control codes that we should consider applying to the modem.

3.2.1.1 Definition of “symbol”

In parallel-tone modems the term “symbol” is ambiguous, referring to either the modulation

carried on each tone, or the waveform transmitted on the channel (being the summation of all

the individual tones).  The emphasis on coded-modulation in the latter parts of this thesis will

use the term “symbol” to mean the constellation point placed on a single tone.  In order to

avoid ambiguity, we define the channel symbol as the summation of all the individual symbols

on each of the tones.

3.2.1.2 “Channelised” versus OFDM Parallel-Tone Modems

An alternative parallel-tone modem format increases the separation between the tone

frequencies so that filters can be used to extract each tone individually.  Referred to as

“channelised” parallel-tone modems they offer good interference tolerance (for example Gill,

1994), but are not particularly spectrally efficient, limiting their application to low speed

communications.  In addition we have restricted ourselves to the OFDM format for its

computational simplicity.  As a guide to the computational resources needed to implement

different parallel-tone modems; the channelised parallel-tone modem described by Burton and

Burnet (1994) requires 90% of the CPU processing capacity, while a poly-phase

implementation of a similar modem, described by Gill (1994) reduces the computational load

to around 50%.  Both of these implementations are CPU intensive when compared to a similar

OFDM modem, which would require less than 20% of the processing capacity of the same

CPU.

3.3 Generic OFDM Design Method

Here we will present a generic algorithm which can design OFDM parallel-tone modems

suitable for channels which suffer multipath propagation.  While OFDM modems are described

in the literature, we have not seen an algorithm describing how to design these modems,

particularly when multipath tolerance is an important design consideration.  The modem design
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process starts by specifying the required data rate and several constraints are added to simplify

the design process.  We note that the intention is to use the algorithm only when a new modem

design is required, as such speed is not critical and it has not been optimised.

3.3.1 Design Constraints

M-ary PSK signalling will be used on each tone.  The initial design assumes QPSK signalling,

with 2 bits per symbol (bps).  This is ‘traditional’, since both MIL-STD parallel-tone modems

employ QPSK signalling.  Other modulation formats simply transmit more or less bits-per-

symbol, leading to higher or lower data rates.

Good performance requires all the signalling tones to fit within the available bandwidth without

significant attenuation.  As described earlier, each tone has sidelobes with a sinc roll-off,

therefore all tones will suffer some sidelobe attenuation due to the passband of the HF exciter

and receiver.  Those tones closest to the passband edges suffer the greatest sidelobe

attenuation.  The spectrum of each tone is two-sided, so placing a tone on the passband-edge

results in a 3 dB loss.  Specifying a maximum attenuation of 0.5 dB, requires at least half the

sibelobe to be passed.  A coded multi-tone modem shares this loss amongst all the tones,

resulting in a negligible overall loss.

3.3.2 Restrictions Applied to Simplify the Modem Design

To permit simple implementation we constrain ourselves to an integral number of samples per

symbol.  While this is not strictly necessary, it simplifies the implementation of the transmitter.

For example, the sampling rate and baud rate for the MIL-STD 16-tone modem result in

93 13
15  samples per symbol.  The transmitter must send 13 symbols 94 samples long and 2

symbols 93 samples long.  Changing from 94 to 93 samples requires adjustment of all the

transmitted phases so that they appear continuous.  To avoid this complication we simply

restrict the design to an integral number of samples per symbol.

The Nyquist sampling theorem states that the sampling frequency must be (at least) twice the

highest frequency component in the signal in order to represent the signal correctly (Proakis,

1989, page 53).  Practical limitations set by the anti-aliassing filter before the analogue-to-

digital converter (ADC), provides a more stringent limitation on the required sampling

frequency.  Digital anti-aliassing filters, commonly used in audio delta-sigma ADCs, give better

frequency utilisation, with a maximum input frequency up to 90% of the Nyquist frequency.
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The fast Fourier transform (FFT) is an efficient method of implementing the DFT for particular

transform lengths.  The usual restriction is that the length is a power of 2, that is N=2m, where

m is an integer.  While there are efficient methods of implementing faster DFT’s when the

length is not a power of 2 (Blair, 1995), we will constrain ourselves to the well known and

efficient “powers-of-2” transform.  For short transform lengths (N≤32), overheads associated

with bit manipulations used in the FFT algorithm make it computationally more expensive than

the DFT, allowing complete flexibility in the choice of transform length.

The DFT determines the tone spacing, but frequency shifts determine the actual frequency of

all the tones.  The choice of offset frequency is arbitrary, however for simplicity we restrict

ourselves to offsets of half the tone spacing.  Removing this restriction and centring all the

tones in the passband of the receiver and exciter may result in less attenuation of the end tones.

In practice this has very little impact on the final performance of the modem.

When designing OFDM modems suitable for low data rates, it is advisable to restrict the

number of modem tones.  Gill et al (1995) describe a multi-data rate 16 tone modem that uses

four tones to transmit R = 1/8 QPSK.  To avoid symbol synchronisation all four symbols are

transmitted in the one channel symbol, which is achieved by ensuring that the total number of

tones is divisible by four.  Most high data rate (or single data rate) applications do not require

this restriction.

3.3.3 Modem Design

We now present a generic method for designing OFDM modems based on an exhaustive

search algorithm.  The user must have some appreciation of the parameters of the channel on

which the modem is to be used, that is the expected multipath delay spread and the channel

fade rate.  The design begins by selecting a data rate and specifying the receiver and exciter

bandwidth constraints.  The specified bandwidth should possess a reasonably flat passband and

low differential group delay distortion.  The main outputs of the design process are the number

of signalling tones, the ADC sampling rate and the number of samples per channel symbol.

The parameters specified by the user are:

fd - data rate (in bits per second)

fmin - minimum useable frequency (in Hz)
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fmax - maximum useable frequency (in Hz)

foffset - frequency offset of the tones (as fraction of the tone spacing)

∆t - minimum acceptable fraction of the tone spacing to the passband edge

Ralias - roll-off factor for the anti-aliassing filter (fraction of the Nyquist rate)

The algorithm starts by setting the length of the FFT.  Due to the “powers-of-2” constraint,

there are relatively few practical lengths that need to be considered.  The next parameter is the

number of signalling tones in the modem, Nt.  The emphasis on the design procedure is to fully

utilise the available bandwidth, which is achieved by increasing the tone spacing until the

desired number of tones only just fits within the bandwidth constraints.  The tone spacing is

increased by increasing the number of samples per channel symbol, S, which simultaneously

maximises the guard-time of the modem.

The significant design parameters that are determined by the algorithm are:

N - length of the discrete Fourier transform

Nt  - total number of signalling tones

S - ADC samples per channel symbol

Having specified the modem constraints and the significant design parameters, we calculate the

derived parameters of the modem design.  The derived parameters are given as:

fs = S fd /(2Nt)= ADC sample rate (in Hz)

∆f = fs /N = tone spacing (in Hz)

Gt = (S-N)/fs = guard-time (in seconds)

fsymb = fs /S = channel symbol rate (in symbols per second)

We check the validity of the design, by confirming that we are within the bandwidth

constraints.  This includes the sampling rate and first and last tones.  The design check

equations are:

fs > fs_min ADC sampling rate is sufficient to pass the maximum frequency
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and Nt = tN - t0 + 1 the desired number of tones fit within the bandwidth constraints

where fs_min = 2 fmax / Ralias = minimum allowed ADC sampling frequency

t0 = ceil(fmin /∆f - foffset + ∆t) = first signalling tone that fits the passband constraints

tN = floor(fmax /∆f - foffset - ∆t) = last signalling tone that fits the passband constraints

ceil(x) is the smallest integer greater than or equal to x

floor(x) is the largest integer less than or equal to x

The complete modem design procedure is shown in Figure 9.

Nt =1

S = N

t0 = ceil(fmin /∆f - foffset + ∆t)
tN= floor(fmax /∆f - foffset - ∆t)

if  fs > fs_min  then
print parameters of design

STOP

∆f = fd S/(N Nt)

Y

N

Nt ótN - t0 + 1

Increment S

Nt < N/2
Y

N

Increment Nt

Select FFT size N

*

* Extra tests for design
validity are added here

Figure 9: Flow chart of the OFDM modem design algorithm

Referring to Figure 9, the design starts by selecting the size of the FFT.  It then proceeds by

setting the number of data tones, Nt, to the minimum number.  All possible modems using Nt

tones are then designed by incrementing the number of samples per channel symbol.  Once all

the designs have been tried, the number of tones is incremented.  The number of signalling

tones is limited to half the length of the FFT, N/2.
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The optimisation step involves determining the largest value of S such that the desired number

of tones fit within the passband of the modem.  Using ∆f = fd S/(N Nt) we calculate t0  and tN.

When the desired number of tones no longer fits within the bandwidth constraint, that is

Nt > tN - t0 + 1, the largest value of S has been determined.

Before printing the design it is checked to determine that it is valid.  In the algorithm listed in

Figure 9 the test for validity is limited to a test that the required ADC sampling rate is

sufficiently high to pass the maximum frequency, that is fs > fs_min.  Only those designs which

pass the validity test are printed.  As discussed in the next section, this can lead to a large

number of possible solutions which must be manually sorted to determine the most appropriate

solutions.

3.3.4 Using the Channel Parameters

From the list of possible solutions the user checks that the guard time is sufficient for the given

channel.  If it is too short, then the length of the channel symbol is increased by doubling the

length of the FFT (if the DFT is being used the length is increased).  It is important to note that

the expected fade rate on a channel limits the channel symbol length.  As a ‘rule of thumb’ the

symbol rate should be 10-20 times faster than the expected fade rate, for example a channel

with a fade rate of 2 Hz restricts the minimum symbol rate to 20 Hz.  Clearly slow fading

allows long symbol lengths, while fast fading must employ short symbols.

In the algorithm listed in Figure 9, the only validity test is that the sampling rate is sufficiently

high to pass the maximum frequency of the modem.  To further limit the number of printed

designs, other tests for validity can be included.  The most likely tests ensure the guard-time is

greater than some minimum value and that the symbol rate of the modem is greater than some

lower threshold.  These extra tests are not included in the algorithm shown in Figure 9 to

ensure some solutions are always printed.3

Finally we need to consider the nature of the noise on the channel.  Using differentially

encoded parallel-tone modems in the presence of large impulsive interferers results in a single

impulse deleting the entire channel symbol, which due to the differential encoding, results in

two complete channel symbols being lost.  In the presence of impulsive noise we should

consider the duration of the interference.  Long symbols are more likely to be affected by the

                                               

3 OFDM modems are not suitable for all channels, for example those which experience fast fading with large
amounts of multipath.  With the extra validity tests the algorithm will not print any solutions.
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interference, however if the duration of the impulsive noise bursts is also long, then employing

short symbol lengths results in multiple symbols being in error.

3.3.5 A Design Example for 4800 bps

We specify a data rate of 4800 bps using the full channel bandwidth so fmin = 300 Hz and

fmax = 3000 Hz.  As mentioned earlier foffset and ∆t are both set to 0.5.  We assume good quality

delta-sigma converters which allow a tight anti-aliassing filter roll-off factor of Ralias = 0.95.

Three possible designs from the output of the algorithm are listed in Table 2.

FFT
Length

N

Number
of

tones
Nt

Samples
per

symbol
S

Sampling
Rate (Hz)

fs

First
Tone

t0

Channel
Symbol

Rate (Hz)
fsymb

Guard
time
(ms)
Gt

64 24 68 6800.00 3 100.00 0.588

128 52 141 6507.69 6 46.154 1.998

256 104 284 6553.85 12 23.077 4.272

Table 2: Parameters for 4800 bps OFDM modems

Using a 64-point FFT results in a 24-tone modem with 0.588 milliseconds of guard-time.  This

is clearly too little for all but ground-wave propagation and therefore we increase the length of

the transform.

The 256-point FFT results in a 104-tone modem with 4.27 milliseconds of guard-time.  This is

the same guard-time as the MIL-STD 16-tone modem so it looks quite attractive.  The format

has a channel symbol rate of only 23.077 Hz, so as a rough estimate it would tolerate fade

rates of only 1 to 2 Hz.  In addition, the long symbol length makes it more vulnerable to

impulsive noise interference.  We conclude that the symbol is too long and reduce the

transform length.

The 128-point FFT results in a 52-tone modem with 1.998 milliseconds of guard-time.  The

symbol rate is comparable with the MIL-STD 39-tone modem, which performs reliably over

most HF channels.  The guard time represents only 10% of the transmitted signal,

corresponding to a loss of 0.42 dB, making this a very efficient modem.  The concern is that

the multipath tolerance is lower than generally accepted as sufficient for HF radio

communications.  To determine if this is a genuine concern the application of the modem needs

to be considered.  Transmission at 4800 bps requires a high signal-to-noise ratio, around

25-30 dB in a 4 kHz channel (this will be seen in Figure 46 on page 101).  Given practical
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limitations on antennas and power amplifiers this generally restricts transmissions to paths

using a single-hop.

The HF modernisation task being undertaken by the Australian Military (Vyden and Wilson,

1997) is designed primarily for single-hop communications within the Australasian region.  The

Australian Ionospheric Prediction Service studied the chance of observing two paths with

2 milliseconds of multipath; in his report Caruana (1994) found that there was a negligible

chance of the ionosphere supporting communications with multipath greater than 2

milliseconds, even when the amplitude of the second path was reduced 9 dB.  Further evidence

was gathered by Preiss (1996), who used the replay simulator to analyse several typical HF

channels in the Australasian region; although a limited sample, he found minimal multipath time

delay spread.  Thus it can be asserted that a modem design with only 2 milliseconds of

multipath tolerance will be acceptable for single-hop communications in the Australasian

region.

Finally while we have noted that the channel symbol length of the 52-tone modem is similar to

that used on the MIL-STD 39-tone modem, we should check its tolerance to impulsive noise.

Cook (1995) reported results of measurements on the length of typical HF noise bursts.  The

results indicate that the majority of noise bursts extend for 10’s of milliseconds.  We therefore

conclude that there is very little to be gained using short symbol lengths, since the duration of

the noise bursts would just result in multiple symbols being deleted.

3.3.6 A Design Example for 2400 bps

The generic OFDM design method presented above maximises the bandwidth usage and the

guard-time.  Specifying a low data rate with the full channel bandwidth, results in a large

number of modem designs with excessive guard-time.  For low rate designs the addition of

extra validity tests limits the number of possible designs.  Here we add tests ensuring the

guard-time is greater than 3.0 ms and the symbol rate is greater than 50 symbols per second.

Table 3 lists four possible designs for consideration:
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FFT
Length

N

Number
of

tones
Nt

Samples
per

symbol
S

Sampling
Rate (Hz)

fs

First
Tone

t0

Channel
Symbol

Rate (Hz)
fsymb

Guard
time
(ms)
Gt

64 16 85 6375 4 75 3.294

64 16 94 7050 4 75 4.255

128 24 151 7550 6 50 3.046

128 24 214 10700 5 50 8.037

Table 3: Parameters for 2400 bps OFDM modems

Two designs are listed for 16-tone modems using a 64-point FFT.  The guard-time in the first

design represents a signalling loss of only 1.2 dB, while the second design is 0.5 dB less

efficient.  It is interesting to note that the tone spacing in the second design is 110.16 Hz

making this modem very similar to the MIL-STD 16-tone modem.  In fact this is the modem

used in the Gill et al (1995) paper.

Two 24-tone designs are listed using a 128-point transform.  The difference is the amount of

guard-time that they provide.  The second design with 8.037 ms of guard-time is clearly

excessive.  Despite this it is still an interesting modem since it would support the

implementation of inband-interference excision as suggested by Giles (1994).  Giles adds a

symmetric Nyquist time window, overlapping the guard-time of the modem.  The window does

not affect the nulls in the sidelobes, but increases the rate of sidelobe attenuation.  Rapid

attenuation of interferers results in less tones being affected.  The method creates robust

OFDM modems with performance approaching that of the channelised modems suggested

earlier.  The overall effect is to reduce the multipath tolerance and is only applicable to

modems with excessive guard-time.

3.3.7 Final Comments on the Algorithm

The listed design algorithm is based on delivering a fixed data rate to the user.  In some

applications it may be more desirable to specify the sampling rate of the modem.  In this case

the actual data rate will not be one of the “standard” data rates (1200, 2400, etc).  An

application where this is the case arises when the range of possible sampling rates is limited,

leading to this being the major restriction (for example if implementing the modem on a

commercial sound card in a personal computer).  Restructuring the algorithm to find solutions

to this case is achieved by specifying fs instead of fd and using fd  = 2Nt fs /S to calculate the

actual data rate.  As before after running the algorithm the user must select the “best” design

from the resulting list of possible modem designs.
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3.4 Implementation Details

The primary motivation for selecting the OFDM format is its computational simplicity.  In this

section we discuss computationally efficient algorithms required by an OFDM modulator and

demodulator.  Several of the presented algorithms are novel approaches to the practical

problems associated with implementing a data modem for use on the HF channel.

While this section gives examples of parameter choices used in the software implementation of

the 52-tone modem, it is important to note that the modem design and associated algorithms

are totally generic.  To change the modem format, the relevant parameters are modified as

desired and the software is recompiled.

3.4.1 Modulator

The process of data transmission is very simple when compared with the complexity of

demodulation.  Using the inverse DFT to generate the time series results in a very efficient data

modulator, however two points require careful consideration.  The first is reducing the peak-

to-average power ratio of the OFDM waveform, and the second is how to use the inverse DFT

to generate the time series with the guard-time and tone offsets.

3.4.1.1 Peak-to-Average Power Ratio

An unmodified parallel-tone modem has a peak-to-average power ratio over 13 dB.  To make

best use of the available transmitter power this must be improved.  The usual method employed

is to simply limit the maximum value, that is to clip the waveform.  While clipping the

waveform introduces distortion, it improves the average transmitted power.  The clipping level

must be selected so that the introduced noise does not degrade the performance of the modem.

In order to determine the appropriate clipping level we consider the effect of the non-linear

clipper using the model shown in Figure 10.  In this model the clipped waveform is produced

by summation of the desired signal and a distorting waveform.  By comparing the power in the

desired and clipped waveform we can compute an effective SNR due to the selected clipping

level.



34

+

_

Figure 10: Model used to estimate the effects of clipping on the waveform

We are making the assumption that the clipping signal constitutes white noise and therefore

affects all the modem tones equally.  Clearly since the clipping waveform is derived from

periodic signals this is not the case, however it is adequate for OFDM modems employing

error-control coding, where the error-control coding will spread the effects across all the

tones.  Figure 11 plots the power in the clipping signal against the power in the unclipped

signal for the 16 and 52 tone modems for different clipping levels (which changes the peak-to-

average ratio).
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Figure 11: Effective SNR plotted against the peak-to-average ratio for the OFDM modem waveforms
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In AWGN a 2400 bps modem requires a noise level of about 10 dB to achieve a BER better

than 10-6.  From Figure 11 we observe that a peak-to-average around 6.5 dB gives an effective

SNR of 20 dB, which will not noticeably affect modem performance.

To fully optimise the peak-to-average noise level we should consider the data rate and the

channel.  Enright and Darnell (1997) use real-time channel evaluation to adapt the clipping

level of an OFDM modem.  While this would result in the best possible clipping level, we avoid

the complexity of the duplex communications by selecting a fixed level.

Gill (1994) describes a method of reducing the peak-to-average power ratio of the channelised

parallel-tone modem.  By adjusting the starting phase of each signalling tone, the peak value

was reduced.  This was quite effective for the low rate coherent signalling used on the modem;

however, repeating the work with differential signalling for the 52-tone OFDM modem gave

an improvement of only 0.5 dB.  Enright and Darnell (1997) refer to this as a “phase alignment

scheme”, and report only minor gains when it is employed on OFDM modems.  The technique

was therefore not implemented.

3.4.1.2 FFT Based Modulator

With care it is possible to use the FFT to generate the transmitted waveform in the modulator.

The only problem is that the time series is not simply the inverse FFT of the phases on each

data tone due to the guard-time and the tone frequency offset.

The assumption in the calculation of a FFT is that the input time series is repetitive beyond the

range of the calculation, so the output of the inverse FFT will be repetitive.  We exploit this

repetitive property to implement the guard-time, by repeating as much of the signal as

necessary to increase the FFT length to the full length of the symbol.  This is shown in

Figure 12.

Output of Inverse FFT
N points

Repeat S-N
points

Total symbol length
S samples

N point
Inverse

FFT

Phase for
each data

tone

Figure 12: Adding the guard-time to the waveform
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To provide the frequency offset, we note that the output of the inverse FFT is a complex (or

analytic) signal, which can be written as in equation (2) on page 20.  Multiplication by the

required frequency offset, expressed as a complex series, produces the desired frequency shift.

We note that foffset is expressed as a fraction of the tone spacing, so the actual offset frequency

is given by foffset ∆f.  The complete operation is shown in Figure 13.

Re{}

( )exp j kf tp
k t

tN

2
0

π
=
∑

( )exp j f f toffset2π ∆

( )( )exp j kf f f tp offset
k t

tN

2
0

π +
=
∑ ∆

Offset
Frequency

Time
Extended

FFT output

All tones
frequency
shifted by

foffset ∆ f

Figure 13: Adding the offset frequency to all the tones in the waveform

3.4.1.3 Use of Offset Signalling

In situations where random input data can not be guaranteed, we need to consider the

consequences of transmitting the same symbol on a tone for a period of time.  For modems

with no guard-time, this results in the transmission of a carrier-wave, which does not contain

any timing information, leading to symbol timing recovery drift in the data demodulator.  To

avoid this possibility we deliberately offset the phase of the symbols by half the M-ary phase

separation, so that at the end of each symbol the phase is guaranteed to change (this is shown

for the QPSK constellation by the solid dots in Figure 16).

The addition of guard-time to an OFDM modem, makes it unlikely that the symbol length

contains an integral number of cycles of the tone frequency.  Offset signalling is therefore not

required since there will always be phase transitions at the end of each symbol.  While

unnecessary, offset signalling does simplify the decision boundaries for hard-decision decoding,

so it was implemented in the final modem.

3.4.2 Demodulator

The use of OFDM ensures that the actual demodulation process is very simple.  Unfortunately

there is more to a demodulator than the algorithm that it uses to extract the data from the

incoming signals.  Inherent in the design of OFDM is the assumption of perfect symbol timing

recovery and no frequency offsets.  For a practical modem these values must be estimated from
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the incoming signal.  Figure 14 shows a simplified block diagram of the estimates that are

required by a demodulator.

Frequency
Offset

Estimate

FFT

Symbol
Timing

Recovery
Estimate

Narrow
Doppler
Estimate

Metric
Calculation

Noise
Estimate

Viterbi
DecoderInput

Output

For each tone

Figure 14: Block diagram of the components in the OFDM demodulator

The following sections describe the components required to implement a generic OFDM

parallel-tone modem.  Several of the estimators presented have been developed specifically for

this application, notably the frequency offset estimator and the joint symbol timing and

frequency offset estimator used for rapid initial signal acquisition.  The development gives a

great deal of insight into the problem of implementing a data modem.

3.4.2.1 Symbol Timing Recovery

The implementation of a good symbol timing recovery (STR) scheme is vital to the

performance of any modem.  It should be sufficiently agile to be able to track timing errors

between the data clocks in the transmitter and receiver, but not unduly perturbed by noise.

Traditional STR schemes, for example Gill (1992), work on symbols from a single tone at a

time, which can then be averaged over all the signalling tones.  Instead we examine a scheme

which finds the optimal timing position regardless of the number of signalling tones.

At the correct STR position the input to the FFT is repetitive, resulting in correct

demodulation of each tone.  At an incorrect STR position, discontinuities caused by symbol

transitions in the FFT spread the energy across all the tones (commonly referred to as ‘spill’).

This knowledge provides the basis for a computationally simple STR tracking scheme.  Input

samples containing the symbol boundaries are processed to obtain FFT spill.  The ‘Early gate’

takes input samples ahead of the optimum sampling point and the ‘Late gate’ takes samples

after the optimum sampling point as shown in Figure 15.  An error between the power in the

early gate and the late gate indicates that there is more spill in one gate than the other, so it is



38

processing more of the edge.  The correct STR position occurs when the spill into each gate is

equal.

Early Gate

Late Gate

Guard-
Time

Guard-
Time

Length of the FFT Length of the FFT

Total Symbol Length

Correct STR Position

STR Control
Signal

+

Figure 15: Early-Late gate symbol timing recovery tracking scheme

It is an arbitrary choice which non-signalling tone is used to calculate the STR control signal.

One feature of the 52-tone modem is that the signalling tones completely fill the available

bandwidth, so the tone used to calculate the FFT spill must lie outside the passband of the

equipment filters.  This is actually an advantage because the equipment passband filters

attenuate the noise on the tone, reducing its effect on the STR estimate.  The power in the

chosen tone will be due to discontinuities at the symbol boundaries, which cause power to

‘spill’ into the selected tone when processed by the FFT.

The offset of the early and late gates from the centre position determines the tracking accuracy.

An offset equal to half the guard-time gives the best results.  Separations less than this result in

possible timing drift since several timing positions result in equal power in the early and late

gates. Separations greater than this reduce the slope of the detector characteristic, leading to

less accurate tracking.

For the efficient implementation of this estimator it is important to note that we are using the

spill into a single unused signalling tone.  This value is most efficiently calculated using the

DFT not the FFT.  (The FFT efficiently calculates the complete spectrum, which requires more

computation than calculating a single value using the DFT.)

3.4.2.1.1 Scaling the Symbol Timing Recovery Estimate

Filtering of the output of the early and late gate tracker reduces the effect of channel noise.

Early designs used the simple ‘M before N’ filter (Gill, 1988) that counts the number of times
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the power in one gate exceeds the other.  Only when the count crosses a threshold is the

symbol timing position shifted.  While this has the advantage that it does not require scaling of

the control signal, it has the disadvantage that it limits the amount of control of the loop time

constant.  The alternative is to implement a proper loop filter, which requires scaling of the

early-late gate signal to compensate for variations in the input signal power.

Normalisation of the STR control signal is achieved by dividing by the total power in the

signalling tones.  An interesting side-effect of this scaling is that at an incorrect STR position

the measured power in the signalling tones is reduced.  Subsequent division of the STR control

by a smaller number increases its magnitude, resulting in faster acquisition.  As the symbol

timing moves to the correct position, the power in the signalling tones increases, leading to

more stable tracking.

The STR loop time constant is a compromise between initial signal acquisition and signal

tracking.  For a multi-data rate modem, which is required to work over a wide range of SNR,

it should be made dependent on the data rate of the modem.  If the data rate is slow, then the

channel is probably noisy, so heavy filtering of the STR signal reduces the effect of the noise.

If the data rate is high, then the SNR is probably high, so the STR signal is less heavily filtered,

enabling faster signal acquisition.

It is important to note that whenever the symbol timing is shifted the reference phase used in

the PSK demodulator must be updated.  For differential PSK this is simply achieved by

rotating the last symbol by the appropriate amount.

3.4.2.2 Frequency Offset and Doppler Estimates

The presence of frequency offsets severely degrades PSK demodulator performance.  For

OFDM frequency offsets also imply that the tones do not fall on the nulls of the other tones,

resulting in inter-tone interference.  It is therefore very important that the demodulator can

correct frequency offsets.  In the MIL-STD parallel-tone modems an unmodulated tone is

provided to enable frequency offset errors to be measured and corrected, however the tone

wastes transmitted power and bandwidth and is therefore undesirable and should be removed.

This requires new methods to be developed which can correct for frequency offsets using only

the signalling tones.

Figure 14 shows that the problem of frequency offset estimation has been divided into two

parts; firstly a frequency offset estimate which is sufficient to overcome the large frequency
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offsets encountered in the equipment, and secondly a narrow Doppler estimate which is

designed primarily to overcome Doppler shift introduced by the channel.  For simplicity the

two estimates are made independently, however both require correct symbol timing recovery.

The time constant of the narrow Doppler estimator is deliberately selected to be an order of

magnitude faster than that of the frequency offset estimator.  This ensures that the narrow

estimator is always able to compensate for small phase errors introduced by the channel,

without being unduly affected by the much slower frequency offset estimator.  We note that

the wide frequency offset estimator, especially the modification to further extend its range, was

developed specifically for the OFDM modems described in this thesis.

3.4.2.2.1 Narrow Doppler Estimator

The narrow Doppler estimate is derived from the demodulated symbols.  When using DPSK,

frequency errors will rotate the constellation points.  Figure 16 shows a QPSK constellation

both with and without frequency offset errors.  The size of the frequency offset determines the

amount of constellation rotation.  Averaging the phase rotation over all the signalling tones

provides an estimate of the frequency offset.

Correct
Constellation

Points

Rotated
Constellation

Points

Figure 16: QPSK constellation diagram with and without a frequency offset

The maximum frequency error which can be unambiguously measured when using M-ary PSK

signalling is given by:

f
f

MDoppler

symb=
2

(6)

where fDoppler is the maximum unambiguous frequency error (in Hz)

fsymb is the channel symbol rate (in Hz, defined on page 27)
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and M is the number of points in the signalling constellation

For example the maximum narrow Doppler estimate for the MIL-STD 16-tone modem, using

QPSK with 75 channel symbols per second is 75/8 = ±9.4 Hz.  Increasing the constellation

order and the length of the symbol severely limits the range of the narrow Doppler estimator.

3.4.2.2.2 Frequency Offset Estimator

The frequency offset estimate is derived from the actual input samples, using the spill into

unused FFT bins.  It is very similar to the early-late gate tracker used for STR, except that the

gates are offset in frequency rather than time.  One gate assumes a slightly lower frequency and

the other a slightly higher frequency as shown in Figure 17.  We define the frequency offset as

∆fD.

Calculate power in a 
non-signalling tone

Frequency Offset + ∆ fD

Calculate power in a 
non-signalling tone

Frequency Offset - ∆ fD

Frequency Offset
Control Signal

Figure 17: Frequency offset estimator

We have seen that the sidelobes of each of the signalling tones has a sinc pattern, with nulls

separated by the tone spacing, ∆f.  The null spacing limits the unambiguous measurement

range.  For the 16-tone format ∆f = 110 Hz, giving a correction range of ∆f/2 = ±55 Hz.  For

the 52-tone modem the unambiguous correction range reduces to ∆f/2 = ±25 Hz.  The

ambiguity in the nulls must be resolved to increase the correction range.

A frequency error equal to the tone spacing results in all the signalling tones being offset one

position.  By comparing the power in the top and bottom signalling tones, it is possible to

detect this condition.  The frequency offset estimate is adjusted by adding the tone spacing.

Theoretically it is possible to correct large equipment frequency errors in this manner, except

that tones which fall outside the passband of the receiver will be heavily attenuated.  The total

frequency offset estimator range is therefore limited to ±1.5∆f = ±75Hz for the 52-tone

modem.
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Experience with the 52-tone modem showed that the offset of the two gates, ∆fD, needs to be

small.  This ensures unambiguous measurements near the maximum range of the frequency

offset estimate.  The value of ∆fD selected was roughly 1/10th of the tone spacing.  As

mentioned in section 3.4.2.1.1, the frequency offset estimate control signal is also scaled by the

power in the signalling tones.

The input to the demodulator is a real signal which consists of both positive and negative

frequency components.  The frequency offset estimate can only shift one of the spectral halves

to the correct frequency, which is usually the positive frequency components.  The negative

frequency components are usually not shifted to the correct frequencies and therefore

introduce FFT spill.  The sinc function attenuates this spill and the 600 Hz separation between

the positive and negative frequencies ensures negligible degradation of system performance.

Access to the inphase and quadrature channels of the receiver would avoid this problem4.

3.4.2.3 Joint Estimation of Symbol Timing and Frequency Offset

The aim is to enable rapid initial acquisition of the signal without the need for a preamble.  As

outlined in the previous sections, estimating the correct STR position requires the correct

frequency offset estimate, which requires the correct STR position.  The solution is to jointly

estimate the STR and frequency offset from the incoming signal.  While joint estimators are

commonly employed in modems, the method presented here was developed specifically for the

OFDM modems.

The selected method uses the spill into an unused signalling tone.  At the correct STR position

and frequency offset, the spill into the tone will be minimised.  The problem is therefore to

compute the spill at several STR positions, each with several frequency offsets.  Figure 18

shows the resultant ‘grid’ of frequency offsets and timing errors.  At each location in the grid,

the spill value is accumulated over a number of symbols.  At the end of the rapid acquisition

phase, the grid is searched to find the frequency offset and timing error which result in the

smallest spill value.  The next symbol period is used to set the STR value to the correct

position and the frequency offset estimator is set to the indicated value.

                                               

4 The early use of the HF band for voice communications results in most receivers only having a single audio
output channel.
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Figure 18: The joint estimate requires the ‘spill’ to be calculated at all points

Note that this is a joint estimation problem: the spill calculation must be performed for all the

frequency offsets at each timing location.  It is a computationally expensive task and took

nearly 90% of the CPU effort in the 52-tone modem, leaving just enough for the transmitter

task.  Due to the large computational cost, no demodulation is possible during the estimate.

This does not present a problem, since the estimator will only be used for initial acquisition or

when demodulation has failed for some reason.

The spacing of the sample points used in the estimate is limited by the computational capability

of the DSP.  Ideally after the estimation and correction process the STR position should be

within the guard-time and the spacing of the frequency offsets should allow any residual error

to be correctable by the narrow Doppler estimator.

The number of symbols used in the calculation determines the quality of the estimate.  If too

few symbols are used, then the final value will be unreliable.  The 52-tone modem uses

20 symbols, taking just under half a second to make the estimate.  Figure 19 shows the results

of using the rapid acquisition scheme to achieve initial acquisition of the 52-tone modem on a

CCIR Good channel with a SNR of 10 dB (in 4 kHz).  For clarity the graph has been inverted,

so the optimum timing and frequency offsets will be determined by the maximum of the graph.

Referring to Figure 19 the maximum occurs at a frequency offset of 0 Hz and at a timing offset

around 0.15 (for initial acquisition the timing offset is random).  Significantly even at a SNR of

10 dB the position of the peak is clearly visible, verifying that the 20 symbol estimate is

adequate.  In practice the rapid acquisition scheme works reliably even when the SNR is

decreased to 5 dB.  Note that if the channel suffers a flat fade during the estimation period the

measurement will be unreliable.
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Figure 19: Joint estimator performance obtained from the 52-tone modem
on a CCIR Good channel with SNR 10 dB

The provision of a rapid acquisition scheme allows the selection of long loop time constants.

This has several advantages; most notably long loop time constants ensures robust tracking

even in low SNR on fading channels.  Secondly long loop time constants tend to avoid

potential instability problems associated with interactions between all the control loops in a

modem.

3.4.2.4 Decision Metrics

The modem employs differential PSK on each of the tones.  Divsalar and Simon (1994) derive

the maximum-likelihood estimator required for optimal demodulation.  When considering

conventional two sample differential detection, the resultant branch metric is optimal for both

AWGN and Rayleigh fading channels and is given by:

ηn k k n k

l
r s r n M,

*= + = −−1 0 1  which is evaluated with L (7)

where ηn,k is the branch metric for the nth symbol at the kth time

rk is the received symbol sample at the kth time

sn is the nth PSK symbol, ( )s j n Mn = exp 2π

and * indicates the complex conjugate
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In their paper Divsalar and Simon (1994) state that for low SNR values l = 2, while for high

SNR values l = 1.  In practice we found that the l = 2 metric has slightly superior performance

to the l = 1 metric for bit error rates less than 10-6 (except when considering non-Gaussian

noise).

Divsalar and Simon’s derivation assumes that the noise level is constant, and therefore can be

removed from the final equations.  If the noise is not constant then the form of the metric must

be altered to include the noise variance, as a denominator in a quotient.  The effect will be to

decrease the values of the metric as the noise level increases.

Giles (1994b and 1995) undertook an extensive study of several decision metrics tailored to

the HF channel with real noise.  He concluded that the high variability of noise on the channel

meant that it was imperative that a noise estimate be included in the demodulator.  His adaptive

Gaussian metric is similar to the Divsalar and Simon metric, but offers a very attractive method

of combining the metric calculation and the noise estimation.  He simply rearranges the

standard differential decoding metric.  The conventional metric is shown in equation (8) and

the rearranged metric are shown in equation (9).  Both equations are simplified by noting that

for PSK s sn n
* = 1  for all n and since we wish to estimate the data, we can ignore all terms that

are independent of the data sn.

r s r r r s s r r s r r s r r

r r s r r s
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The two branch metrics are therefore identical (except for a minus sign).  The Giles metric

measures the difference between the actual symbol received and the expected symbol received,

using the previous symbol as the reference.  This simple error can be used to estimate the noise

on the channel.  His complete estimate is given by:
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where dn,k  is the rearranged differential decision metric for the nth symbol at the kth  time

$σ k
2  is the channel noise estimate for the kth symbol

and L is the number of symbols used in the noise estimate

The performance of the decision metric is dependent on the length of the noise average, L.  It

should be sufficiently long to allow a reasonable estimate, but not so long that the estimate lags

the actual noise on the channel.  The compromise was to set L = 8 symbols.  Giles notes that

the noise estimate is decision directed; it assumes reliable data decisions and is in error when

the data decisions are unreliable.  Despite this, the overall performance of the metric is many

times better than the conventional metric when tested on real HF noise.

It is important to note the compromise between high speed data transfer and robustness to

inband interference.  Several low speed modems have been constructed specifically to cope

with heavily congested HF channels, notably the Chirp modem described by Scholz et al

(1993) and the channelised modem described in Gill (1994).  Both these modems employ noise

estimates as an integral part of the Viterbi branch metrics.  For high speed modems, the use of

the noise estimate provides some protection to inband interferers, however it does not provide

interference excision.  Large interferers can swamp several data tones due to the slow sinc roll-

off of their sidelobes.  The metric was derived by Giles primarily to combat the impulsive noise

typically encountered on the HF channel, and the performance of the metric in these conditions

is very good.

3.4.2.4.1 Diversity Reception

The real advantage offered by diversity reception is that it overcomes the fading on the channel

without having to introduce time delay.  Diversity-combining algorithms demodulate the data

and then combine the symbols from the two sources.  In order to achieve this the single-tone

modem must implement two complete equalisers, which are computationally expensive.  The

computational simplicity of the OFDM format results in a modest increase in the overall

computation to implement the two demodulators.

The decision metric proposed by Giles, given in equation (10) provides a very simple diversity-

combining algorithm.  The algorithm simply adds the two symbols in inverse proportion to

their noise estimate:
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where the subscripts indicate the A and B channels.

3.4.3 Half-Duplex Operation

For half duplex, or time-division duplex operation, one end of the link transmits while the other

receives, and then the ends swap.  The demodulator does not reacquire the signal after each

burst, instead it assumes that the estimates of the STR position and frequency offset are

sufficiently accurate to hold them constant during the transmit phase.  In this way there is no

additional training overhead.

Measurements on several power amplifiers found that it could take up to 100 milliseconds for

the transmitter to respond to being turned off, and for the receiver to recover.  This severely

hampers the ability to provide rapid acknowledgement of transmitted information.  Assuming a

“worst case” value avoided the necessity of measuring the actual turn-around-times.  During

the turn-around-time the modem transmits a synchronisation signal.  The transmit/receive duty

cycle is fixed at 50%.

3.4.4 Interleaving with Error Correction

Most error-control codes are unable to correct large bursts of errors.  This is particularly true

of trellis codes, where the decoder will be unable to determine the most likely path when

several adjacent symbol are received in error.  Unfortunately when a data modem is operating

in fading and impulsive noise environments (typically encountered on the HF channel), the

errors tend to occur in bursts which will exceed the error correction capability of the error-

control code.  This problem is lessened using an interleaver to rearrange the symbols.  The

interleaver takes previously adjacent symbols and spreads them in time so that they are

processed at different times by the decoder.  Clearly the larger the time separation between

originally adjacent symbols, the greater will be the tolerance of the error-control coding

scheme to blocks of errors.  Traditionally block interleavers have been used, an approach

which requires synchronisation to determine the start of the block.

Cook et al (1994) propose the use of multiple trellis interleaving on the parallel-tone modems.

The advantage of the multiple trellis interleaver is that there is no need for any synchronisation

between the transmitter and receiver, the only restriction is that the number of encoders in the
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transmitter must match the number of decoders in the receiver.  This form of interleaver is

shown in Figure 20, when employing B encoders and decoders.

Encoder 1

Encoder 2

Encoder 3

Input
Data

Encoder B

Decoder 1

Decoder 2

Decoder 3

Decoder B

Channel Output
Data

Figure 20: Multiple trellis interleaving

Cook et al (1994) compare the diversity achieved when using multiple trellis interleaving and

traditional block interleaving.  They state that the multiple trellis interleaver achieves twice the

diversity for a given channel delay.  While this assumes that the block interleaver is square, it

indicates that multiple trellis interleaving can offer greater interleave depths for the same data

delay, without the need for block synchronisation.

Multiple trellis interleaving requires a considerable amount of DSP memory to store the

multiple Viterbi decoders in the demodulator.  Clarke and Cain (1981) describe two possible

implementations for the Viterbi algorithm referred to as the “traceback” algorithm and the

“register exchange” algorithm.  For software implementations, the “traceback” algorithm is

about 30% faster, but its memory usage is 10 to 30 times greater than the “register exchange”

algorithm.  On most DSPs memory is limited, so the “register exchange” algorithm was

selected to enable long interleave depths.

The traceback depth through the Viterbi trellis is always a compromise.  Ideally the traceback

should be sufficiently deep to ensure that all the paths have merged, which is only guaranteed

at infinite depth.  Clearly this is impossible, requiring infinite memory.  For a given data delay,

the choice is between less interleavers with greater traceback depth, or more interleavers using

shorter traceback depth.  Given the emphasis on slow fading channels, it was determined that

the most important consideration was the amount of data interleaving.  The decision was

therefore to limit the traceback depth to 5 times the memory length of the code.  A further

consideration is that the performance of the decoder as the traceback depth is increased beyond

5 is only relatively minor.
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Frequency selective fading resulting from multipath propagation gives rise to error bursts

which are localised to a single tone.  To avoid overloading of the decoder successive symbols

from one tone are sent to different Viterbi decoders.  This is achieved by ensuring that the

greatest common divisor of the number of interleavers and the number of modem signalling

tones, is unity.

3.5 Conclusion

In this chapter we have presented a generic methodology for designing OFDM modems which

can be tailored to suit the channel parameters.  It was shown how the addition of guard time

effectively overcomes the inter-symbol interference caused by multipath propagation.  An

algorithm was then presented which implements the design method.  By limiting the multipath

tolerance to only 2 milliseconds, the algorithm was used to design a modem suitable for

transmitting 4800 bps over HF channels in the Australasian region.  A study of typical

propagation revealed that this amount of multipath was acceptable for the intended application.

Power and bandwidth efficiency was improved by removing the Doppler signalling tone

traditionally used in parallel-tone modems.  A method was developed specifically for this

application which estimated and corrected large frequency offsets using only the signalling

tones.  The development of a joint estimator for symbol timing recovery and frequency offset

removed the need for preambles in the transmitted data sequence, further increasing the power

and bandwidth efficiency.

The addition of error-control coding to the modem was then reviewed.  This included the used

of multiple trellis interleaving to provide time diversity without the need for synchronisation.  It

was shown that the use of a noise estimate in the calculation of the branch metrics greatly

improved the BER performance in the presence of real HF noise.  Another advantage of the

noise estimate is the ease with which diversity reception can be added to the parallel-tone

modem.

The chapter included lengthy discussions of practical methods used to implement the complete

modem in real-time.  The emphasis was on robust methods which kept processing

requirements to a minimum, leaving the greatest amount of computational power for the error-

control code.  In the next chapter we discuss the design of appropriate error-control codes to

provide reliable high speed data communications.
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     Chapter 4

Coded Waveform Design to Overcome HF Channel Distortion

4.1 Introduction

The OFDM modem presented in Chapter 3 elegantly solves problems associated with

multipath propagation on the HF channel, but does not address the problems associated with

fading or interference which requires the application of appropriate error-control codes.

Chapter 2 revealed that error-control coding significantly improves the performance of HF data

modems.  The studies of Cook et al (1993) and Zhang and Giles (1995) considered different

error-control strategies for parallel-tone HF modems, both finding that the application of

appropriate trellis codes to an OFDM modem gave the best BER performance.  These early

works did not fully explore the potential of the coding techniques, so in this chapter we will

pursue the design of trellis codes for high speed data communications over the HF channel.

In order to find better codes we need a measure of the performance of the trellis code.  We

therefore begin with a review of the pioneering work of Ungerboeck (1982) who described a

design methodology suitable for the AWGN channel.  Here we will develop a modified

methodology based on an upper bound on the probability of error, which is then used as a

search metric to design codes for the prevailing channel conditions.  Initially the method will be

applied to the AWGN channel, repeating the work of Ungerboeck, before extending it to cover

typical HF channels, specifically those that experience Rayleigh fading.  The noise on the

channel will also be considered by deriving search metrics for both Gaussian and Laplacian

noise.  The addition of the method to existing code searching programs is very simple.

The new search method is used to find several codes for Rayleigh fading channels which

significantly outperform previously published codes.  The gain is achieved by increasing the

redundancy of the code by expanding the signalling constellation to allow rate R = k/(k+2)

codes.

4.2 Introduction to Trellis Coding

Error-control coding has been used for many years to enable reliable digital data

communications in the presence of noise or interference.  Error-control coding requires the

insertion of redundant information into the transmitted sequence so that corrupted sections of

the data can be reconstructed.  To maintain the same data rate, with the inserted redundant

information, requires either a greater symbol rate with increased channel bandwidth or the use
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of denser signalling constellations.  For high rate data communications we are bandwidth

limited leading us to select denser signalling constellations.  The error-control code is used to

restrict the transitions between the expanded signalling points.  These restrictions ensure that

an input data sequence corresponded to a unique sequence of transmitted symbols, with other

input data sequences resulting in different transmitted sequences.  The loss in performance due

to the denser signalling constellation is more than compensated by the coding gain of the error

control code.

A design methodology for codes using the denser signalling constellations was presented by

Ungerboeck (1982).  He showed that for good code performance on the AWGN channel the

codes should maximise the Euclidean distance between the correct sequence and all other

sequences.  Further he showed that near-optimal performance is obtained from doubling the

number of constellation points.  Ungerboeck’s work has dominated the design of trellis-codes

ever since.

The concept of trellis coding will be introduced using a simple example.  To transmit one bit

per symbol with trellis coding we expand the signalling constellation from BPSK to QPSK.

Each QPSK symbol carries two binary bits, so we apply a rate R = 1/2 convolutional code to

‘encode’ the incoming data into the QPSK symbols.  The complexity of the system is

determined by the number of memory elements that we employ in the encoder.  For this

example we choose a short memory length of m = 2.  A possible encoder is shown in Figure 21

along with the QPSK signal mapping that we will employ.

D D

+

x1

z1

z0

00

01

10

11
z1 z0

Rate 1/2 Encoder QPSK Signal Mapping

D represents a single symbol delay
and the addition is modulo 2 (exclusive OR)

Figure 21: Example m = 2 R = 1/2 QPSK Encoder

The input bits are stored in a shift register with m = 2 storage elements, which provides 2m

possible states.  Considering the initial value of the shift register to be 00, we apply input

x1 = 1.  The output will be z1z0 = 10.  We then update the shift register by shifting the input bit
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into the least significant bit of the state, resulting in state 01.  The transitions between states

can be visualised as a trellis, which lists the connections between the states with the respective

inputs and outputs.  The trellis for the encoder shown in Figure 21 is shown in Figure 22.
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Figure 22: Trellis for R = 1/2 encoder shown in Figure 21

In order to demonstrate that the addition of coding has improved the noise immunity of the

transmission we consider transmission of a continuous stream of 0’s.  In this case the encoder

state will be 00 and the correct output symbol will be z1z0 = 00.  At the receiver, noise causes

errors and the receiver determines that the highlighted path, shown in Figure 22 is the correct

path.  It is important to note that for the decoder to make an error it has to incorrectly decode

three symbols.  Tracing the incorrect path, the three (incorrectly) demodulated symbols

correspond to the QPSK constellation points 10, 01 and 10.  Referring to the QPSK signal

mapping in Figure 21, QPSK symbol 10 has a squared Euclidean distance of 4.0 from the

correct symbol 00, and symbol 01 has a distance of 2.0.  The total squared Euclidean distance

of the highlighted path is therefore 4.0+2.0+4.0 = 10.0 from the correct path.  To illustrate the

improvement we note that an uncoded transmission would use a BPSK constellation, where

the squared Euclidean distance between the constellation points is 4.0.  Noise only has to

perturb a single symbol for the demodulator to make an error.  The addition of the trellis code

has therefore increased the distance between the correct path and any error paths from

Euclidean distance 4.0 to distance 10.0.  We can estimate the probability of making an error in

AWGN as shown in equation (12) (Proakis, 1989):

( )P de = Q 2 22σ (12)
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where d 2 is the squared Euclidean distance between the correct and incorrect paths

σ 2 is the rms value of the noise on the channel

and ( )Q x e dyy

x
= −∞

∫1
2

22

π

Here we have assumed that the squared Euclidean distance is the most significant measure of

performance of the trellis code.  Further we assumed that it was valid to measure the

performance of the code by only considering errors from one correct path.  It was Ungerboeck

(1982) who showed that these are valid assumptions and therefore provided a design

methodology for TCM.

4.3 Ungerboeck’s AWGN Code Design

Ungerboeck (1982) provides a foundation for the derivations that we will use in later sections.

For a particular sequence of input data bits the encoder will produce a sequence of output

symbols.  We refer to the output sequence as a ‘codeword’.  Each codeword comprises a

separate sequence of transmitted symbols.  We define the kth codeword of length l as:

{ }C c c c ck k k k
l
k= 1 2 3, , ,..., (13)

where ci
k is the ith symbol of the kth codeword.

The symbols in the transmitted codeword are corrupted by the channel.  For the AWGN

channel we use the simple channel model shown in Figure 23.

ti
ri

ni

Figure 23: AWGN channel model

The transmitted symbols are corrupted by Gaussian noise, so the decoder samples are given by:

r t ni i i= + (14)

where ri is the receiver sample of symbol i
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ti is the ith transmitted symbol

and ni is the sample of noise accompanying symbol i

Ungerboeck (1982) derives the Euclidean distance between the kth and jth codewords by

considering the distance between individual symbols:

( ) ( )D k j d c ci
k

i
j

i

l

, ,=








=
∑ 2

1

1 2

(15)

where ( )d c ci
k

i
j2 , is the squared Euclidean distance between the ith symbols of the kth and jth

codewords.

As the noise decreases, the performance of a trellis code will be dominated by the most likely

error event, which is determined by the codeword pair with the smallest value of D(k,j) given

by (15).  Ungerboeck therefore stated that good codes required an encoder designed to

maximise the Euclidean distance between the codewords.  The ‘free Euclidean distance’, dfree is

defined as:

( )d d c cfree
C C

i
k

i
j

i

l

k j
=











≠ =
∑min ,2

1

1 2

(16)

The decoding of trellis codes is based on calculating the conditional probability Pr{Ck|R}, that

a codeword was transmitted given the received sequence R = {r1,r2, … ,rl} for all possible Ck.

The decoder decides that the kth codeword was transmitted when its conditional probability is

the highest.  This maximum-likelihood soft decision decoding technique is easily implemented

using the Viterbi algorithm (Viterbi, 1967 and Forney, 1973).

4.4 Performing the search for good codes

4.4.1 Set Partitioning

The performance improvement of trellis codes is obtained by increasing the Euclidean distance

between codewords.  Ungerboeck suggested the use of “mapping by set partitioning” to ensure

that the addition of coding would increase the Euclidean distance between codewords.  This

involves partitioning the possible values of each symbol into subsets.  Successive steps of the

partitioning aim to increase the minimum distance between points in the subsets.  The final
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mapping (numbering of each signal point) is then determined by considering the subsets to

which it belongs.

Ungerboeck’s set partitioning for the 8PSK constellation is shown in Figure 24.  The result is a

constellation in which the points are numbered consecutively around the circle, which is

referred to as the natural mapping.  All the PSK constellations have a set partition which

allows the natural mapping to be used.

000

0 1

110100 010 001 101 111011

10 10 10 10

0 1 0 1

Figure 24: Ungerboeck's set partitioning for 8PSK

4.4.2 Calculating Code Free Distance, dfree

In order to determine the performance of a single code, equation (16) must be evaluated.  This

is achieved by calculating the squared Euclidean distance from each correct path to all

incorrect paths through the trellis.  The search stores the path with the minimum distance.

Even for short codes, this is a daunting task.  Ungerboeck showed that rather than considering

the distance between all correct paths to all incorrect paths in the trellis, it is only necessary to

consider the distances from one correct path.  This is achieved by exploiting the symmetry of

the trellis, and the technique is referred to as “quasi-regularity”.  Traditionally the correct path

is taken to be the all-zeros path.

Quasi-regularity considers all error sequences from the all-zeros path.  This involves corrupting

symbols in the correct sequence to produce all possible error sequences.  In a technique similar

to that described in section 4.2, we obtain the total path distance by summation of individual

symbol distances in the corrupted symbol sequence.  In M-ary signalling there are only
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M possible distances between the correct and corrupted symbols, so for each symbol we store

the distance to save calculating it each time.  While quasi-regularity assumes that the zeroth

symbol is always the correct symbol, we need to consider the corruption of all correct symbols.

The symbol error with the minimum distance will dominate the probability of error.  So we

determine the smallest distance, which is expressed numerically as:

( ) ( )δ 2 2e d c c
t

t e t= ⊕min , (17)

where δ2(e) is the minimum Euclidean distance (used in the code search)

e is the error pattern, e ∈ {0,1, … ,M-1}

t is the correct constellation point, t ∈ {0,1, … ,M-1}

cn is the nth symbol in the constellation

and ⊕  represents modulo 2 addition (exclusive-OR)

The concept is demonstrated for the naturally mapped 8PSK constellation.  Referring to

Figure 25 we consider the symbol error e = 011.  Starting from the point t = 000, the error

sequence e = 011 results in the point t⊕e = 000⊕011 = 011, squared Euclidean distance

3.4142.  If the starting point was t = 001, the corrupted symbol point is t⊕e = 001⊕011 = 010,

squared Euclidean distance 0.5858.

000

001

010

011

100

101

110

111

δ2 = 3.4142

δ2 = 0.5858

Figure 25: Possible distances for error sequence 011

Repeating this for all points around the circle we find that half the points have distance 0.5858

and the rest 3.4142.  The search for dfree therefore uses the minimum value 0.5858 for the error

sequence 011.  We note that only half the starting points result in this distance, so the

probability of this distance is P(e) = 4/8 = 0.5 (the probabilities are used in the calculation of
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the distance profile, which is described in section 4.4.3).  The complete list of error distances

used for the naturally mapped 8PSK constellations is given in Table 4.

Error
e

Distance
Squared

δ 2(e)

Probability
P(e)

000 0.0000 1.0

001 0.5858 1.0

010 2.0000 1.0

011 0.5858 0.5

100 4.0000 1.0

101 3.4142 1.0

110 2.0000 1.0

111 0.5858 0.5

Table 4: Error distance table used to search for naturally mapped 8PSK codes

An efficient algorithm for determining the free distance was suggested by Bahl et al (1972),

and later modified by Larsen (1973).  Put simply, the search is performed by extending the path

with the smallest accumulated Euclidean distance in the forward and backward directions.  As

the forward and backward paths meet at common states, the combined distance is calculated

and compared with the smallest value, dmin.  If the new path has a shorter distance, then dmin is

updated.  The search stops when the sum of the smallest unterminated forward and backward

path is greater than dmin.  While Larsen's original algorithm was proposed for convolutional

codes it requires a trivial modification to enable it to check trellis codes.

4.4.3 Calculating the Distance Profile

The maximisation of dfree will find codes with the lowest symbol error rate in the noise free

case.  Several other parameters need to be considered in order to find the best code, in

particular the number of paths having the same distance, referred to as the number of “nearest

neighbours”.  A code which has only a small number of paths with the minimum distance, will

out-perform a code with a large number of paths with that distance.  Similarly a code in which

all the error paths have similar distance will perform worse than one in which all the paths are

separated by greater distances.  This detailed information is given by the “distance profile”.

The distance profile of the code gives the detailed structure of error paths in the trellis.  It

requires a more detailed search, which finds all the paths through the trellis, storing their total

distance and probability.  Numerous methods can be used to calculate the distance profile

including the use of the Viterbi algorithm (Tennant and Kingsbury, 1988) and transfer function
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analysis (Zehavi and Wolf, 1987).  The technique proposed by Zhang (1996) is probably the

most efficient for calculating an extensive distance profile, however we are generally only

interested in the first couple of distances and probabilities, so we implemented the algorithm

suggested by Rouanne and Costello (1989).

The Rouanne and Costello algorithm is very similar to the Larsen algorithm (1973), in that

paths are extended in the forward and backward direction simultaneously.  The main difference

is that several path weights are stored, not just the minimum.  For each path the number of

paths with that distance is combined with the probability of each symbol having that distance

(as listed in Table 4).  This leads to the multiplicity of the path.  Two multiplicities are

calculated, the first considers the probability of symbol errors, and the second the probability of

bit errors.  The term “spectral line” refers to an individual distance with its symbol and bit

multiplicity.  The distance of the first spectral line is (by definition) the free distance of the

code.

4.4.4 Method Employed to Construct Good Codes

In his pioneering paper Ungerboeck suggested a search technique to find good codes.  The

technique is basically an exhaustive search over all possible parity check equations.  This

requires an efficient method of converting the parity check equations into an encoder.  Using D

to indicate the unit delay, we write the parity check equation in polynomial form as:

Hk(D).zk(D) ⊕ Hk-1(D).zk-1(D) ⊕…⊕ H1(D).z1(D) ⊕ H0(D).z0(D)=0 (18)

where Hi(D) is the ith parity check polynomial

zi(D) is the ith encoder output

and ⊕ represents modulo-2 addition

We note that the parity check equation (18) must be satisfied for all values of zi(D), i = 0…k.

Expanding the ith parity check polynomial shows the coefficients:

( )H D h D h D h D h Di
m
i m

m
i m i i= ⊕ ⊕ ⊕ ⊕−

−. . . .1
1

1
1

0
0L (19)

The systematic form of the trellis encoder uses the coefficients of the parity check polynomials

directly.  Figure 26 shows the canonic form of the feedback encoder to implement a rate

R = k/(k+1) code.  There are k inputs, xk … x1 and k+1 outputs, zk … z0.
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Figure 26: Canonic form of a generalised systematic feedback encoder

A two-stage approach is taken to finding the best codes.  First, the Larsen algorithm is used to

check the free distance of the code.  If it is greater than or equal to the best distance found so

far the code is stored for analysis in the second stage.  From the resulting list of possible codes,

the Rouanne and Costello algorithm is used to calculate the distance profile of each code.  The

distance profile is then used to estimate the SNR required to obtain an error rate of 10-6 (refer

to section 4.5.1).  The code that requires the lowest SNR is selected as the final code.  While

Ogiwara and Irie (1992) note that the two-stage approach may in fact miss the code with the

lowest SNR, they also note that it is the only viable approach as the memory length of the code

increases.

Throughout this thesis we have constrained ourselves to the use of the naturally mapped PSK

constellation.  Most researchers have also made this decision, with the exception of Du and

Kasahara  (1989) who propose the use of a Gray-mapped constellation and Zhang (1996) who

proposes the V-mapped constellation.  Their argument is that alternative mappings can lead to

better BER performance.  To determine the best mapping to use requires a search over all

possible mappings, greatly increasing the total search space.  We avoid the complexity of

determining the best mapping to use by restricting ourselves to the naturally mapped

constellation, however we take steps to minimise the BER as discussed in the next section.

4.4.5 Minimising the Bit Error Rate

The code search metric derived above minimises the probability of a codeword error by

minimising the symbol error rate.  For higher order constellations, each symbol represents

several binary bits, therefore two codes with the same symbol error rate can have vastly

different bit error rates.  In his PhD thesis, Zhang (1996) examines the problem of converting
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the input binary bits to the encoded channel symbols.  He suggests that the addition of a

memory-less input scrambler can reduce the BER of codes as shown in Figure 27.

Scrambler
Encoder
R = k/n

Symbol
Mapper

k bits n bitsk bits

Figure 27: Trellis Encoder with input scrambler

Set partitioning was presented in section 4.4.1 order to increase the Euclidean distance

between codewords.  It was then shown that the natural mapping of the PSK constellation

follows Ungerboeck’s set partition rule.  Zhang (1996) questions this assertion and suggests

that it is only the first level of partitioning which is important.  Indeed the Gray mapper

suggested by Du and Kasahara (1989) is an example which does not follow Ungerboeck’s set

partitioning rule.

Instead of searching all mappings for the one which gives the best BER, we search for the code

with the best symbol error rate (SER) using the naturally mapped constellation.  We then apply

input scramblers to the best code to determine the scrambler which gives the lowest BER.  The

estimates of the error rates are derived from the distance profile generated by the Rouanne and

Costello algorithm, which will be presented in section 4.5.1.  The scramblers are restricted to

simple permutations which swap pair(s) of input values, for example swapping input 2 with

input 3 (for notational convenience we designate this as 2⇔3).

We demonstrate the results of adding an input scrambler to the m = 6 R = 2/3 8PSK code,

h0 = 103, h1 = 30, h2 = 66.  The first 5 lines of the distance profile with and without an input

scrambler are listed in Table 5 and plotted in Figure 28.  The input scrambler simply swaps

inputs 2 and 3 so it has no effect on the distances or the symbol multiplicities.  Referring to

Table 5 we note that the addition of the input scrambler has reduced the bit multiplicities by

about a third, thereby reducing the BER by a similar amount.  This result repeats the work of

Zhang et al (1994).
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Distance
µp

Symbol
Multiplicity

Ap

Bit Multiplicity
(no scrambler)

Bp

Bit Multiplicity
(with scrambler)

Bp
’

6.343 5.25 31.81 20.63

7.171 10.00 53.25 39.50

7.514 14.53 132.41 90.33

8.000 3.00 12.50 13.00

8.343 37.75 303.06 219.88

Table 5: First 5 lines of the distance profile for code h0 = 103, h1 = 30, h2 = 66

In the report prepared by Zhang (1994) he suggests that adding a scrambler to the code with

the best SER may not minimise the BER.  To find the best code he suggests that all mappings

should be searched to maximise dfree and minimise the bit multiplicity, Bk.  The task of

searching all possible mappings for the best possible code is too daunting to even consider.

We acknowledge that a different mapping may result an improvement in the BER of the codes,

but if so it will be small.
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Figure 28: Bit multiplicity with and without input scrambler

4.5 Derivation of a Search Metric for AWGN Channels

We start the derivation by considering the probability of noise perturbing individual symbols.

Taking the noise to be independent additive white Gaussian with zero mean and variance σG
2 ,

we calculate the probability associated with noise perturbing a symbol by the distance d:

( )p d d
n

G
G

= −





1
2 22

2

2
πσ σexp (20)

We define the distance di between the ith symbol of the jth and kth codewords as: (for notational

convenience we will drop the codeword identifiers j and k from the distance di).
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( )d d c ci i
k

i
j=∆ 2 , (21)

We now consider the pairwise error probability, that is the probability of noise perturbing the

kth codeword to the jth, which is obtained by combining the individual symbol error probabilities

for the l symbols in the codeword.  Since the noise samples are independent:

{ } ( )Pr C C p dk j
n i

i

l

→ =
=

∏
1

(22)

Substituting equation (20) into equation (22) gives:

{ }Pr expC C dk j

G

l

G
i

i

l

→ =






 − ∑









=

1

2

1

22

2

2
2

1πσ σ
(23)

We remove the exponential from equation (23) by taking the natural logarithm.

{ }( )log Pr logC C
l

dk j

G G
i

i

l

→ =






 −

=
∑

2

1

2

1

22 2
2

1πσ σ
(24)

For a particular channel σ G
2  is a constant, so we can multiply throughout by 2 2σG , giving:

{ }( ) ( )2 22 2 2 2

1

σ σ πσG
k j

G G i
i

l

C C l dlog Pr log→ = − −
=
∑ (25)

The best codes are those which minimise the probability of error.  As Ungerboeck did, we

consider the asymptotic behaviour as the SNR approaches infinity, that is σG
2 0→ .  Looking at

equation (25) we note that ( )log 2 2πσ G  is undefined in this limit.  Using equation 4.1.31 from

Abramowitz and Stegun (1970) we note that first term on the right hand side of equation (25)

can be ignored since lim log
z

z z
→

=
0

0 .

For random data the symbol error rate of a particular code will be dominated by the most likely

error event, which can be calculated using the remaining term in equation (25).  All codeword

pairs must be examined to find the most likely error event, that is, the one which maximises

equation (25).  Noting the minus sign we can state that the performance of a code is

determined by the metric:
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µ =
≠ =

∑min
C C

i
i

l

k j
d 2

1

(26)

In order to determine the best codes we need to search for those which maximise this metric.

This is the same result as derived by Ungerboeck (1982) given in equation (16).  In fact it is

the free distance of the code.

We have arrived at the same answer as Ungerboeck (1982) despite a simplifying assumption.

We assumed that an error occurs when one codeword is perturbed to another, which is not

strictly correct.  When using maximum-likelihood sequence decoding, an error occurs when

the received sequence is “closer” to another codeword.  We justify the simplifying assumption

by stating that to determine good codes we only require an estimate of the most probable error

event.

4.5.1 Estimating the Error Rate on the AWGN Channel

In the derivation of the code searching metric we used an estimate of the most likely error

event in the noise free case.  Significant levels of noise will regularly perturb codewords further

than the closest codeword.  In order to estimate the performance of the code we should

therefore consider several distances, not just the smallest distance.  Rearranging equation (23):

{ } ( )Pr exp logC C dk j

G
G G

i

l

i→ = − ∑ +








=

1
2

22
2 2

1

2

σ
σ πσ (27)

Taking the exponent as the performance parameter of interest, we write the distance of the pth

spectral line as:

( )µ σ πσp G G i
i

l

d= +
=
∑ 2 2 2

1

2log (28)

We add the restriction that the distances are calculated in ascending order, so that µ1<µ2<…

(clearly µ1=µ), then successive spectral lines indicate a decreasing probability of symbol error.

The probability of symbol error must be combined with the number of paths with that distance

to obtain the overall probability of a symbol error.  As outlined in section 4.4.3, the distance

profile lists the distance of the path µp with the symbol multiplicity Ap.  Using the information

from the distance profile, we can write an estimate of the probability of symbol error using L

spectral lines as:
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$ expP Asymbol p

p

Gp

L

= −








=
∑

µ

σ2 2
1

(29)

The most common measure of link performance is the BER.  This is obtained in an identical

manner to equation (29) by replacing the symbol multiplicity Ap with the bit multiplicity Bp.  It

is important to note that we are not attempting to measure the exact performance of the code.

The aim is to determine a method of comparing codes in order to determine the best code at

reasonable SNR rather than in the asymptote.  As such, any calculation of the probability of

error can only be considered to be in terms of an uncalibrated SNR.  The main aim is to allow

us to determine the best input scrambler (refer section 4.4.5).

This is a similar result to that obtained by other researchers.  Most notably the code searches

performed by Lee (1985 and 1986), who used the distance profile to find codes with the best

performance at finite SNRs.  This estimate is used in the second step of our two stage code

searching method outlined in section 4.4.4.

4.6 The Design of Coded Waveforms for Distortion on HF Channels

4.6.1 Earlier Work

The application of trellis codes designed for AWGN to channels with fading, met with mixed

success (Figure 41 on page 88 gives an example of poor code performance).  While the codes

were able to correct errors caused by noise on the channel, they were not able to cope with the

fading.  This inspired several researchers to investigate the possibility of designing trellis codes

suitable for fading channels.  Farrell and Lee (1990) present a short review of the techniques

which can be applied to combat fading, indicating the importance of obtaining accurate channel

state information (CSI) and the power of channel diversity.  Here we will concentrate on

appropriate code design to overcome the channel fading.

On a fading channel the code is required to “repair” symbols which have been erased by a

channel fade.  This requires slightly different codes to those optimised for the AWGN channel.

In the AWGN case the best codes optimise the Euclidean distance between the codewords,

however on fading channels researcher have found that it is more important to optimise the

Hamming distance between the codewords (usually referred to as the ‘effective length’ of the

code, see section 4.7.4).

The formal derivation of a method to find codes suitable for Rayleigh fading channels is

presented by Divsalar and Simon (1988).  The derivation reveals that the search for the best
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codes requires the maximisation of two parameters, the ‘effective length’ and ‘product

distance’ (to be defined in section 4.7.4).  Schlegel and Costello (1989) present the results of

using this technique to find R = 2/3 8PSK codes suitable for fading channels.  Other

researchers, notably Du and Vucetic (1993), Du et al (1995) and Leonardo et al (1996) have

also employed the technique to design codes for different code rates and modulation formats.

Lumarto and Ogiwara (1993) have also studied the design of trellis codes for Rayleigh fading

channels.  Their paper suggests the use of the Bhattacharyya distance, which is a special case

of the Chernoff bound (Viterbi and Omura 1979, page 63) used by Divsalar and Simon (1988).

Their method suggests modifying the search metric, using the Bhattacharyya distance instead

of the squared Euclidean distance.  This has the advantage of allowing the same code searching

method to be used to find codes for AWGN or fading channels, just by changing the exponent

of the noise distribution used in the calculation of the Bhattacharyya distance.  The justification

for using Bhattacharyya distance is presented in Ogiwara and Irie (1992), which suggests using

the same method to design codes for impulsive noise channels (section 4.8.1 will summarise

their approach for the impulsive noise channel).

The approach taken here will be to determine a bound on the pairwise symbol error rate of the

code taking into account the nature of the channel.  The result is a new code searching

methodology which is more generic than other approaches and simply implemented by

modifying the distances used in the code search.  By questioning assumptions made by other

researchers in this field, we find novel codes which out-perform previously published codes

when applied to Rayleigh fading channels.

4.7 Derivation of a search metric for Rayleigh Fading channels

We assume that the samples come from a channel with multiplicative fading as illustrated in

Figure 29.

ti

αi ni

ri

Figure 29: Multiplicative fading channel model

The received samples are therefore given by:

r t ni i i i= +α (30)
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where ri is the receiver sample of symbol i

αi is the multiplicative channel distortion of symbol i (assumed positive)

ti is the ith transmitted symbol

ni is the noise sample of symbol  i

As for the AWGN channel, we proceed by calculating the probability of a codeword error by

considering the distance that the noise must perturb the received signal to result in another

codeword.  We assume that the distortion coefficient, αi, is characterised by the Rayleigh

distribution.  In addition we assume that there is sufficient interleaving so that the channel

samples are independent.  Further we assume that we have perfect CSI so that αi is known

exactly.  The distribution of αi [Schlegel and Costello (1989) equation (2)] is:

( ) ( )p i
i

R

i Rα α α
σ

α σ= −
2

2 22exp / (31)

where σR has been included to define the variance of the Rayleigh distribution.

In the non-fading channel we considered the Euclidean distance between the ith symbol in the

kth and jth codewords.  When the channel is subject to fading the distance of each codeword is

modified by the multiplicative channel distortion.  We therefore need to consider the

distribution of distances αidi.  To remove the dependence on αi, we integrate over its range,

giving us p(di) as:

( ) ( ) ( )p d p d p di n i=
∞

∫ α α α αα0
(32)

The term 1/α inside the integral is the Jacobian of the substitution of x = αd into the noise pdf.

It compensates for any axis expansion and ensures that ( )p d ddi i =
∞

∫ 1
0

 (We note in passing

that this is a Mellin convolution, Springer (1979)).  Substituting the Gaussian distribution

equation (20) and the Rayleigh fading distribution of equation (31) into equation (32) gives:

( ) ( ) ( )p d d d

d
d

i

G

i G
R

R

R G

i

G R

= − −
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α σ
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σ πσ
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exp exp /

exp

(33)
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Substituting ( )x di

G R
= +α

σ σ

2

2 2
1  and using  Q( )x e dyy= −∞

∫1
2
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This is the probability of the ith symbol being perturbed a distance di.  We derive the probability

of moving from the kth codeword to the jth by combining the distances between the symbols in

the two codewords.  We use the assumptions made in the derivation of equation (31), so the

fading samples are independent and add that the noise samples come from independent additive

white Gaussian noise.  We can now substitute equation (34) into equation (22) and by taking

the log we obtain:
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The codeword pair with the largest value of equation (35) dominates the symbol error rate

performance of the code.  To further simplify this equation we consider the first term on the

right hand side.  Using the performance measure to compare similar codes, we can take an

arbitrarily long code segment length l, making it independent of the code selected so we can

ignore the first term.  For the remaining term we note the minus sign and state that the

performance of a code on a Rayleigh fading channel with AWGN is given by:

µ
σ

σσ= +
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d 2 2

2
1

1 (36)
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where ( )S
R

G

σ σ

σ

=
+

4

4 1
2

2log
 is a scaling factor to compensate for the σ σR G

2 2  ratio5.

In order to find the codes with the lowest probability of symbol error we need to search all

codes for those which maximise the value of the metric given in equation (36).  Figure 30 plots

the code search metric of equation (36) against the Euclidean distance for various σ σR G
2 2

ratios.  Also shown in the figure is the search metric proposed by Ungerboeck (1982) (from

equation (26)) which is suitable for non-fading AWGN channels.
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Figure 30: Search metric for Rayleigh fading channels

Note that the search metric is dependent on the ratio of the effective Rayleigh fading to

Gaussian noise power ratio, σ σR G
2 2 .  When the Gaussian noise dominates we expect similar

results to Ungerboeck’s.  This corresponds to the ‘Fading -10dB’ curve and is very similar to

the ‘AWGN’ curve which uses the squared Euclidean distance.  When the fading dominates we

expect similar results to Divsalar and Simon (1988), in which the path length is more important

than the actual distance.  Looking at the ‘Fading 20dB’ curve we note the greatly increased

metric values for small Euclidean distances.  Codes which have a longer path length using

closely spaced constellation points (with smaller Euclidean distance separation), will generally

                                               

5 The scaling factor ensures that the metric value is 4 for di = 2, regardless of the σ σR G
2 2 ratio.
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result in a better overall metric than those with a shorter path length using a few large

separations.

The code search is performed in exactly the same manner as for AWGN codes, the only change

is to the error-distance table.  The modified distances are listed in Table 6 along with the

original Euclidean distances.

Error
Pattern

e

Fading
Distance

µ

Euclidean
Distance
Squared

δ 2(e)

Probability
P(e)

000 0.0000 0.0000 1.0

001 2.7276 0.5858 1.0

010 3.5391 2.0000 1.0

011 2.7276 0.5858 0.5

100 4.0000 4.0000 1.0

101 3.8946 3.4142 1.0

110 3.5391 2.0000 1.0

111 2.7276 0.5858 0.5

Table 6: Distance table for 8PSK on Rayleigh fading channel with σσ σσR G
2 2 = 20dB

We note that the effect of the modified metric is to greatly increase the ‘distance’ used in the

code search for constellation points with small Euclidean distance separation.  This simple

modification of the distance table contrasts strongly with the method of maximising the

effective length and product distance proposed by Divsalar and Simon (1988), which requires a

new code searching program.

4.7.1 Estimating the Error Rate on the Rayleigh Channel

In section 4.5.1 we estimated the BER for codes on the AWGN channel.  Here we extend the

work to include the Rayleigh fading channel.  The derivation begins with the estimate of the

symbol error rate given by equation (35).  Exponentiating both sides we obtain:
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The spectral lines calculated using equation (36) give the distance profile of the code.  We

require equation (37) to use the same metric.  Dropping the minimisation over all codeword
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pairs from equation (36), and recalling that di depends on the symbol sequence, so is implicitly

dependent on p, we can write the individual spectral lines as:

µ
σ

σp
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∑ log

2 2

2
1

1 (38)

Once again assuming an infinitely long code segment length l, we can ignore the first factor

in (37) since it is independent of the actual code.  Adding the restriction that the distances are

calculated in ascending order, so that µ1<µ2<… (clearly µ1=µ), then successive spectral lines

indicate a decreasing probability of symbol error.  We then use the symbol multiplicity Ap to

estimate the probability of symbol error using the first L spectral lines as:

( )$ expP Asymbol p p
p

L

= −
=

∑ µ 2
1

(39)

To estimate the BER we replace the symbol multiplicity Ap with the bit multiplicity Bp.

It is very important to note that we have made several significant simplifying assumptions in

this derivation.  As a result, the estimate cannot be used to estimate the actual performance of

codes, but merely compare similar codes.  This estimate is used primarily in the second step of

our two stage code searching method outlined in section 4.4.4.

4.7.2 Signal Set Expansion for the Rayleigh Channel

Ungerboeck used the channel capacity to justify limiting the code rate to R = k/(k+1).  We

repeat the work for the Rayleigh fading channel.  Considering the channel cutoff rate R0, we

take equation (11) from Schlegel and Costello (1989).
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where ( )p ci
j  is the probability of choosing the signal jth constellation point

( )C c ci
j

i
k, ,λ  is the Chernoff factor of the signals ci

j  and ci
k

and λ is the Chernoff bound parameter (Viterbi and Omura (1979), page 158)
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Schlegel and Costello continue the derivation by maximising the Chernoff bound parameter, λ,

to remove the min
λ

.  Taking their equation (17) and using our definition (21) we write the

Chernoff factor as:
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(41)

where ES /N0 is the symbol SNR

and K is the ratio of the signal energy received on the direct path to that received via diffuse

multipaths.

We simplify equation (40) by assuming M-ary PSK signalling with equi-probable symbols so

that ( ) ( )p c p c Mi
j

i
k= = 1 , giving:

( )R
M

C c ci
j

i
k

j

M

0 2
1

1
= −











=
∑log , (42)

The Chernoff factor in equation (41) is simplified by restricting the derivation to the Rayleigh

fading channel, so K = 0, resulting in the equation:
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(43)

We plot the channel cutoff rate R0 against the ES /N0 ratio in Figure 31.  Two sections have

been expanded to show more detail where the curves cross ordinate values of one and two bits

per symbol.
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Figure 31: Channel cutoff rate for Rayleigh fading channel

Ungerboeck argued that on the AWGN channel the significant improvement was achieved by

doubling the number of points in the signal set.  His argument appears equally valid for the

Rayleigh fading channel when using the theoretical channel cutoff rate R0.  Referring to

Figure 31 we note that to transmit 2 bits per symbol requires 25 dB when using QPSK, but

only 8.3 dB if using 8PSK.  Further increasing the signal constellation to 16PSK only improves

the figure marginally to 8.05 dB.

The calculation of the channel cutoff rate R0 via equation (42) indicates that there is very little

to be gained by increasing the constellation order beyond doubling.  Intuitively this seems

wrong for a fading channel when a decoder has access to perfect channel state information

(CSI).  Consider the following heuristic description of a simple system.

We wish to transmit one bit per symbol using repetition coding with a majority logic decoder.

The decoder has access to perfect CSI, in this case αi (from equation (30)) is known exactly.

A data interleaver is used to so that the fading on the channel symbols is independent.  We

consider the case where the AWGN is negligibly small.  On the channel the errors occur in

bursts, corresponding to channel fades, which are randomly distributed by the data interleaver.

When using BPSK, there is no redundancy, so a fade deletes all the information corresponding

to the bit.  This is shown on the left hand side of Figure 32, where the deleted symbol results in
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a loss of information.  To overcome this we increase the constellation to QPSK and transmit

each bit twice, spread across two symbols.

“01”“0”

“1” “01”

BPSK QPSK

First Symbol

Second Symbol
(deleted by fading)

After Decoding “0?” “01”

Figure 32: Repetition coding on the Rayleigh fading channel

If a fade deletes one symbol, we can use the second symbol to estimate both transmitted bits.

This is shown on the right hand side of Figure 32, where despite the deleted symbol, the

decoder is able to recover both data bits.  The majority logic decoder uses the perfect CSI to

detect when fading has deleted a symbol.  We continue to extend the constellation, this time to

8PSK and transmit each bit three times, spread across three symbols.  Even if two out of the

three symbols are deleted by fading we can still recover the lost information.

We have demonstrated (heuristically) that increasing the constellation beyond that

recommended by Ungerboeck may be beneficial on channels in which the dominant error effect

is due to fading.  We justify this assertion by noting that in Chapter 2 we found that diversity

combining is a very powerful technique on fading channels, and the repetition codes effectively

introduce diversity into the information on the channel.  We rely on diversity combining to

overcome the channel fading, the greater the diversity the greater the gain.  On the AWGN

channel, diversity combining is not effective due to the nature of the noise.

While multi-dimensional codes have been published realising code rates R = k/n, where

n > k+1, we have not found any published codes for fading channels in which the constellation

order is increased to provide extra diversity.  Searches for codes with coding rates of

R = k/(k+2) therefore represent a novel approach on the Rayleigh fading channel.  While the

channel cutoff calculation indicated that this is not a profitable area of research, we note that

TCM using reasonable memory length codes (say m < 10), do not achieve the channel cutoff
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rate.  As an example we note from Figure 31 that the theoretical cutoff rate on the Rayleigh

fading channel indicates that we require only 1.5 dB to transmit one bit per symbol.

Simulations of the one bit per symbol TCM codes on the Rayleigh fading channel (given in

Figure 34 on page 79) indicate even an m = 8 code requires an Eb /N0 of 7 dB to achieve a

BER of 10-5.

4.7.3 Differential Signalling

The HF modem described in Chapter 3 uses differential signalling.  Since we intend to apply

the trellis codes to this modem, it is important to determine if the code design metric of

equation (36) remains valid.  Divsalar and Simon (1988) derive the performance of M-ary PSK

on fading channels for the three cases of coherent demodulation with CSI, coherent

demodulation without CSI and differential demodulation.  We refer to their equation (12)

which gives the upper bound on the pairwise error probability for the Rayleigh channel (K=0)

when using differential detection of PSK.
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Their equation (13) then gives the optimum Chernoff bound parameter λopt.
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1 2
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We note that the upper bound on the pairwise error is the equivalent of our estimate of the

probability of symbol error so we can replace the inequality with equality.  Further making the

substitution λ = λopt, gives the probability of making a symbol error as:
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We now repeat our earlier derivation of the probability of a codeword error using the

probability of a symbol error from Divsalar and Simon’s equation (46), instead of our

equation (34).  Substitution into our equation (22) and taking the log results in:
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We note the similarity between equation (35) and equation (47).  Examination of the

coefficient of di reveals that a substitution of equation (48) into equation (35) results in

equation (47).
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The derivation of equation (35) is not restricted to PSK constellations, but did assume perfect

CSI.  Restricting the constellation to PSK and using differential signalling results in an identical

code searching metric.  Divsalar and Simon (1988) note that the error probabilities of PSK on

the fading channel are very similar when using coherent demodulation with CSI, coherent

demodulation without CSI and differential demodulation.  This is a significant result since we

conclude that our search metric is equally valid for coherent and differential PSK signalling.

4.7.4 Effective Length and Product Distance

As mentioned in section 4.6.1, Divsalar and Simon (1988) and Schlegel and Costello (1989)

use the effective length and product distance to design codes for Rayleigh fading channels.

This is obtained by assuming that one codeword pair will dominate the probability of error.

We utilise equation (30) from Schlegel and Costello, which considers PSK signalling on a

Rayleigh fading channel with perfect CSI.  They start with a bound on the pairwise error event,

that is the probability that a transmitted codeword Ck is incorrectly decoded as codeword Cj.

Writing their equation (23):
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For large ES /N0 the probability of codeword error will be dominated by a single term, which

they designate, PI.  Writing the dominant error event of length l (their equation (26)):
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where ( )C c ci
j

i
k,  is the Chernoff factor from equation (43).

Schlegel and Costello note that good performance on a fading channel requires an

ES /N0 > 6 dB.  In this case equation (50) can be approximated:
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where l’ is the effective length of the codeword pair, which is defined as the length of the path

less the number of symbols where c ci
j

i
k=  (error path symbol matches the correct path

symbol)
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∏∆  is the product distance of the codeword pair.

Schlegel and Costello note that the probability of error given by equation (51) is dominated by

the paths with the shortest effective length and amongst those, the one with the smallest

product distance.  Choosing codes which maximise these parameters allows the design of

codes suitable for the Rayleigh fading channel.

Interestingly, taking the log of equation (50) results in:
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(52)

Comparison of equation (52) with equation (35) (on page 67) shows that once again we have

derived the proposed code searching metric for Rayleigh fading channels.  This is a significant

result since it shows the equivalence of our proposed code searching method and the

established method of maximising the effective path length and code product distance.  It is not

a surprising result since both methods attempted to minimise the probability of codeword error

on the Rayleigh fading channel, but our method does this directly, while Schlegel and Costello

(using the method proposed by Divsalar and Simon (1988)) must approximate the dominant

error probability and then maximise the effective path length and code product distance.  An

advantage of the proposed method is that it can utilise the same code searching technique
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proposed by Ungerboeck (1982), while the Schlegel and Costello method requires a modified

searching program.

4.7.5  One bit per symbol, Rate R = 1/X codes

Before we can conduct code searches we need to determine the appropriate σ σR G
2 2  ratio.  We

saw that this ratio indicates the dominant source of error on the channel.  When selecting codes

suitable for Rayleigh fading, we require σ σR G
2 2 1>> .  Taking a value of σ σR G

2 2 = 20 dB we

use equation (48) to calculate ES /N0 = 29 dB.  Figure 31 on page 72 reveals that at this level

the BPSK and QPSK curves have achieved their channel cutoff rates.

The result of conducting a search for codes suitable for the Rayleigh fading channel

transmitting one bit per symbol is shown in Table 7.  It is important to note that the table lists

the generators for the codes, to convert the R = 1/2 QPSK codes to the parity check equations

put h0 = g1 and h1 = g0.  At one bit per symbol it is not possible to add a memoryless input

scrambler to these codes, so the distance profile is used to select the code with the lowest BER

rather than SER.

In order to assess the relative merits of the new codes we include previously published R = 1/2

QPSK codes.  The Pietrobon et al (1990) codes (designated ‘Pm’, where m is the memory

length of the code) represent the best Ungerboeck-type codes, that is, codes specifically

designed for the AWGN channel.  Only at memory lengths m = 3 and 5 do the Pietrobon6

codes maximise the code search metric.  This is not surprising since they are not designed for

the Rayleigh fading channel.

                                               

6 In this thesis I have chosen to refer to previously published codes using only the first named author.  I mean
no disrespect to the other researchers who helped to find the codes.
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Code Coefficients
(octal)

Metric
Value

g2 g1 g0 µ
P3 4 13 15.078
L3 5 13 15.078
G3 5 13 15.078
G3 8 4 2 15 15.434

P4 10 23 15.539
L4 16 23 18.617
G4 25 13 18.617
G4 8 21 4 33 19.328

P5 26 53 22.156
L5 26 53 22.156
G5 35 57 22.156
G5 8 4 22 55 22.973

P6 42 117 23.078
L6 46 133 25.695
G6 75 122 25.695
G6 8 21 44 133 26.695

P7 144 223 26.156
L7 156 225 29.235
G7 162 255 29.235
G7 8 50 106 273 29.989

P8 362 515 30.156
L8 212 475 30.617
G8 212 475 30.617
G8 8 104 472 327 33.485

P - Pietrobon et al (1990)
L - Leonardo et al (1996)
G - Gill
G 8 - Gill 8PSK

Table 7: Codes for one bit per symbol found with σσ σσR G
2 2 = 20dB

The codes presented by Leonardo et al (1996) are designed for fading channels by maximising

the effective length and product distance.  When the code search is restricted to R = 1/2

QPSK, none of the Gill (‘Gm’) codes show any improvement over the Leonardo (‘Lm’) codes.

This result confirms the prediction in section 4.7.4, which showed that maximising the derived

code metric is very similar to maximising the effective length and product distance.

As outlined in section 4.7.2 we propose increasing the redundancy of the signalling by more

than doubling the number of signalling points.  Table 7 includes the results of further

expanding the signal constellation from QPSK to 8PSK to give R = 1/3 8PSK codes.  These

codes, designated ‘Gm 8’, have a greater code metric and should out-perform existing codes.

Figure 33 plots the bit multiplicities for the m = 4 Leonardo code ‘L4’ with that of the

proposed 8PSK code ‘G4 8’.  Referring to the first spectral line of the two codes, we note the

greater distance of the 8PSK code and that it has a much lower bit multiplicity.  Looking at the

remaining spectral lines of the 8PSK code, we note that they are closer together, indeed the
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figure shows the first 25 spectral lines for the 8PSK code against the first 9 lines for the QPSK

code.  The bit multiplicities for the 8PSK code remain significantly lower than those of the

QPSK code.
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Figure 33: Distance profile for the m = 4 Leonardo QPSK code and Gill 8PSK code

Figure 34 plots the results of a Monte-Carlo simulation of the m = 4, 6 and 8 codes on a

Rayleigh fading channel.  The simulation assumes ideal interleaving so that the channel fading

samples are independent.  The demodulator uses coherent detection with perfect CSI.  The

Viterbi decoder is set to a traceback length 10 times the memory length of the code.

Increasing the redundancy of the signal set to allow rate R = 1/3 8PSK shows an advantage

over the R = 1/2 QPSK codes; at memory length m = 4 and 6 the gain is around 0.2 dB, while

at m = 8 the gain is negligibly small.

0 2 4 6 8 10 12
Eb /N0 (dB)

10
-6

10
-5

10
-4

10
-3

10
-2

10
-1

10
0

B
it

 E
rr

o
r 

R
at

e

R=1/X
Pietrobon
Leonardo
Gill QPSK
Gill 8PSK

m=8

m=4
m=6

Figure 34: Simulation of the R = 1/X codes on ideally interleaved Rayleigh channel
using coherent detection
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Several interesting points are raised by the simulation.  The code metric predicts that the

Pietrobon codes should perform worse than the other codes.  While this is true for m = 4

and 8, at m = 6 the Pietrobon code is actually fractionally better than the other QPSK codes.

Table 8 lists the results of using the distance profile and equation (39) to estimate the SNR

required for the m = 4 and 6 codes to attain symbol and bit error rates of 10-6.  Looking at the

m = 4 codes, the BER estimate for the Pietrobon code ‘P4’ is 3 dB7 worse than the other

codes, which is supported by the simulation.  Looking at the SER of the m = 6 codes, the

Pietrobon code ‘P6’ is fractionally worse than the other codes, but the BER is fractionally

better.  The two-stage approach outlined in section 4.4.4 was predicted by Ogiwara and Irie

(1992) to have the potential to miss the best codes.  This does not indicate a failure of the code

metric, the metric was presented as a method of determining the best code in the limit where

the noise is negligibly small.  While a BER of 10-6 is considered good on HF channels, it would

be considered poor for many other communications channels.  More significantly the difference

between the R = 1/2 codes is negligible when compared to the performance gain of the new

R = 1/3 codes.

Code SNR to attain
SER = 10-6

(dB)

SNR to attain
BER = 10-6

(dB)

P4 25.01 25.34

L4 21.54 22.76

G4 21.08 21.94

G4 8 19.70 20.24

P6 15.69 16.34

L6 15.23 16.67

G6 15.18 16.48

G6 8 13.82 14.55

Table 8: Estimated SNR to attain symbol and bit error rate of 10-6

A simulation of the m = 3 codes is shown in Figure 35.  The simulation implements both

coherent detection with perfect CSI and differential detection without CSI.  In both cases the

simulation assumes ideal interleaving to ensure independent channel fades.  Simulation

confirms the prediction in section 4.7.3 that the code searching metric is equally valid for

                                               

7 Recall that the derivation of this estimate in section 4.7.1 stated that it is only intended to be used to rank the
codes, not determine their absolute performance.  Accordingly a figure of 3 dB indicates that this code will
perform significantly worse than another, but not necessarily by an amount of 3 dB.
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differential PSK signalling.  Significantly the new 8PSK codes maintain a 0.5 dB advantage

over the QPSK codes for both coherent and differential signalling.
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Figure 35: Simulation of m = 3 R = 1/X codes on ideally interleaved Rayleigh fading channel
using coherent detection with CSI and differential detection without CSI

It is interesting to compare the computational requirement of the R = 1/3 8PSK codes to that

of the R = 1/2 QPSK codes.  The main computational load is the update of the Viterbi

decoder, which is determined by the memory length, m, and the code rate R = k/n.  The

computation required to update the Viterbi decoder is O(2m+k) (Clarke and Cain, 1981), so as

far as the Viterbi decoder update is concerned, the computational requirement is the same for

both codes.  The difference occurs in the computation of the Viterbi branch metrics, where

QPSK requires the computation of 4 branch metrics, while 8PSK requires 8.  This represents a

small overhead when compared to the overall computational cost of updating the Viterbi

decoder.

For short memory lengths the R = 1/3 codes offer a significant performance improvement over

previously published codes for Rayleigh fading channels.  For a very modest increase in

computational complexity the proposed codes give up to 0.5 dB of gain.  The application of

these codes to the 52-tone modem presented in Chapter 3, gives a data rate of 2400 bps.  The

performance of the modem will be examined in Chapter 5.
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4.7.5.1 When Fading is not the Dominant Error Source

Ungerboeck (1982) argued that on the AWGN channel the addition of error-control coding via

a trellis code only required the number of points in the signalling constellation to be doubled.

We have shown that on the fading channel this is not the case, and that further doubling

improves the bit error rate performance of the codes.  Searches using the metric derived in

equation (36) with σ σR G
2 2  = 20 dB, assume fading to be the dominant error source.  If we

increase the amount of AWGN, that is reduce the σ σR G
2 2  ratio, the code search metric begins

to approach the AWGN search metric d2 (this is plotted in Figure 30 on page 68).  In this case

performing a code search for R = k/(k+2) codes fails to find codes with a larger metric (or

dfree).  Ungerboeck’s argument is correct, for the AWGN channel there is no advantage in

increasing the constellation order.

4.7.5.2 Low Code Rates

The development of multi-rate parallel-tone modems has been described in Cook et al (1993

and 1994), Gill (1994) and Gill et al (1995).  All of these modems used previously published

convolutional codes designed for AWGN channels in order to obtain the low code rates (here

‘low code rate’ is defined as less than one bit per symbol).  We need to consider if the codes

should be redesigned for fading channels.

e Hamming
Distance

Squared
Euclidean
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11 00

Figure 36: Gray mapped QPSK constellation, showing the direct relationship
between Hamming and squared Euclidean distance

Low rate convolutional codes are designed to maximise the Hamming distance, but for BPSK

and QPSK constellations there is a direct link between the squared Euclidean distance and the

Hamming distance.  This is shown in Figure 36 for the Gray mapped QPSK constellation.

Schlegel and Costello (1989) note that maximising the effective length of the code is essentially

maximising the Hamming distance of the code, so designing codes for the fading channel will

result in the same codes as for the AWGN channel.  We conclude that for low code rates
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existing AWGN codes, for example Lee (1985, 1986), can be used for the Rayleigh fading

channel.

4.7.6 Two bits per symbol, Rate R = 2/X codes

Table 9 presents the results of a search for codes suitable for the Rayleigh fading channel

transmitting two bits per symbol. As before, the calculation of the metric assumes that the

fading dominates, with σ σR G
2 2 = 20 dB.  It is important to note that the Du et al (1995) codes

use a Gray-mapped constellation instead of the natural mapping.  For the naturally mapped

codes the final column in the table lists the input scramblers used to reduce the BER of the

codes (as discussed in section 4.4.5).

Code Coefficients (in octal) Metric Notes
h3 h2 h1 h0 µ

P3 4 2 11 7.539
S3 4 2 11 7.539
D3 13 5 11 7.895 Gray mapped
L3 7 2 11 7.895
G3 16 2 11 7.895
G3 16 1 10 32 5 7.974

P4 16 4 23 10.267
S4 16 4 23 10.267
L4 10 6 23 10.267
G4 16 12 31 10.267 1ó3
G4 16 4 20 11 47 10.617

P5 20 10 45 7.539
S5 36 14 43 11.078
D5 73 67 45 11.539 Gray mapped
L5 14 22 43 11.539 1ó3
G5 14 22 43 11.539 1ó3
G5 16 2 104 62 17 11.895

P6 74 12 103 11.078
S6 154 36 103 13.700
L6 47 33 135 13.700 2ó3
G6 154 162 103 13.700 1ó3
G6 16 4 20 52 307 14.192 1ó3

P7 122 54 277 12.994 2ó3
S7 314 76 223 13.700
D7 235 201 333 15.078 Gray mapped
L7 154 52 203 15.078 2ó3
G7 66 124 367 15.078
G7 16 10 660 246 135 15.368 Partial Search

P - Pietrobon et al (1990)
S - Schlegel and Costello (1989)
D - Du et al (1995)
L - Leonardo et al (1996)
G - Gill
G - Gill 16PSK (listed as generators NOT parity check coefficients)
ó - indicates input scrambler to reduce the BER.

Table 9: Codes for two bits per symbol found with σσ σσR G
2 2 = 20dB
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The large number of previously published codes for R = 2/3 8PSK, offers a good opportunity

to evaluate the searching method proposed in this thesis.  These include the pioneering work of

Schlegel and Costello (1989), Du et al (1995) and Leonardo et al (1996).  Once again, the

Pietrobon et al (1990) codes are included for reference.  The Pietrobon codes are not designed

for fading channels and we note that they do not maximise the metric.  The Schlegel, Leonardo

and Du codes are all designed for fading channels by maximising the effective length and

product distance.  Interestingly the m = 3, 5 and 7 Schlegel codes do not maximise the metric.

When the code search is restricted to R = 2/3 8PSK we find the published codes have

maximised the fading code search metric and no better 8PSK codes were found.

Extending the search to R = 2/4 16PSK codes results in codes with a greater code metric.  The

distance profiles of the m = 4 R = 2/3 Leonardo code ‘L4’ and R = 2/4 Gill code ‘G4 16’ are

shown in Figure 37.  The figure shows the first 25 spectral lines for the R = 2/3 code against

the first 40 lines of the R = 2/4 code.  As we observed in the case of the one bit per symbol

codes (shown in Figure 33), the 16PSK code has significantly lower bit multiplicities than the

8PSK code, leading us to believe it will have superior BER performance.
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Figure 37: Distance profile for the m = 4 Leonardo 8PSK code ‘L4’ and Gill 16PSK code ‘G4 16’

Figure 38 plots the results of a Monte-Carlo simulation of the m = 4 Pietrobon, Leonardo and

Gill codes (the m = 4 Pietrobon code ‘P4’ is identical to the Schlegel code ‘S4’).  At high

Eb /N0 ratios the R = 2/4 16PSK code achieves nearly 2 dB gain over the existing codes for a

negligible increase in computational complexity.
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Figure 38: Simulation of m = 4 R = 2/X codes on the Rayleigh channel with ideal interleaving

The result of a Monte-Carlo simulation of the m = 5 and 7 codes is shown in Figure 39.  As

the metric predicts, the performance of the m = 5 Schlegel code ‘S5’ is clearly inferior to the

other m = 5 codes, while that of the m = 7 code ‘S7’ is fractionally worse.  In both cases the

R = 2/4 16PSK code gives about 0.5 dB improvement over the 8PSK codes at high Eb /N0

ratios.
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Figure 39: Simulation of the m = 5 and 7 R = 2/X codes
on the Rayleigh channel with ideal interleaving
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The R = 2/3 8PSK codes in Table 9 are described by their parity check coefficients, and the

canonic feedback encoder used to implement these codes was shown in Figure 26.  There is no

convenient method of describing the R = 2/4 16PSK codes.  Instead we simply show in

Figure 40 the circuit diagrams of the non-systematic canonical feedforward encoders.  The

symbols are the same as for the canonic feedback encoder shown in Figure 26, with inputs x1

and x2 and outputs z0, z1, z2 and z3.
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Figure 40: Canonic feedforward encoders used for R = 2/4 16PSK

Only a partial search was possible for the m = 7 R = 2/4 16PSK codes (‘G7 16’).  The code

search is very inefficient since it is undertaken from the generator polynomials, rather than the
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parity check equations.  A possible method of significantly reducing the size of the search

would use the parity check equations and then employ the technique of Porath (1989) to

convert the feedback form into the feedforward form.  This was not attempted since it is only

at short memory lengths that the new codes significantly outperform the original codes,

therefore searching for long memory lengths is unlikely to produce significantly better codes.

4.7.7 Three bits per symbol, Rate R = 3/4 16PSK codes

Table 10 lists the results of a code search for R = 3/4 16PSK codes suitable for Rayleigh

fading channels.  The code search was conducted assuming that the fading dominates, that is

σ σR G
2 2 =20 dB.  For comparison the table lists the Pietrobon et al (1990), Du et al (1995) and

Leonardo et al (1996) R = 3/4 16PSK codes.  The Pietrobon codes have very poor metric

values, because the codes allow parallel transitions between the trellis states, severely

degrading their performance on fading channels.

Code Coefficients (octal) Metric Notes
h3 h2 h1 h0 µ

P3 4 13 3.539 2ó3,4ó7
D3 15 17 5 13 5.860 Gray mapped
L3 5 1 6 15 5.860 3ó7
G3 7 3 6 13 5.860 3ó7,4ó5

P4 10 23 3.539 2ó3,4ó7
D4 37 21 15 33 6.447 Gray mapped
L4 7 11 4 33 6.447 1ó6,3ó7
G4 7 22 4 33 6.728 1ó6,3ó7

P5 10 45 3.539 2ó3,4ó7
D5 75 73 47 57 7.895 Gray mapped
L5 21 11 4 63 7.258 2ó3,5ó7
G5 46 61 13 65 7.895 2ó3,5ó7

P6 32 107 3.539 2ó3,4ó7
D6 165 175 115 143 8.994 Gray mapped
L6 60 10 26 143 8.994 3ó7
G6 56 24 46 135 8.994 3ó7,4ó5

P - Pietrobon et al (1990)
D - Du et al (1995)
L - Leonardo et al (1996)
G - Gill
ó - indicates input scrambler to reduce the BER.

Table 10: R = 3/4 16PSK trellis codes found with σσ σσR G
2 2 = 20dB

Figure 41 shows a simulation of the m = 4 and m = 6 codes on an ideally interleaved Rayleigh

fading channel.  As predicted by the metric the Pietrobon codes perform extremely poorly, and

the performance of these codes does not improve as the memory length of the code is

increased.  Also as predicted by the metric, the performance of the Du, Leonardo and Gill

codes are very similar.
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Figure 41: Simulation of the R = 3/4 16PSK codes on an ideally interleaved
Rayleigh fading channel with AWGN

4.8 Rayleigh Fading and Laplacian noise

In Chapter 2 we discussed the nature of the noise that is commonly encountered on the HF

channel.  It was noted that the noise was rarely Gaussian and the pdf is similar to that of

Laplacian noise.  Indeed by assuming a Laplacian distribution, Giles (1995) derived Viterbi

branch metrics which worked significantly better than the AWGN metrics when applied to real

HF noise.  We therefore attempt to design codes for channels with Laplacian noise instead of

AWGN.  As for the AWGN channel (considered in section 4.5), we begin the derivation on the

non-fading channel before considering the Rayleigh fading channel.

4.8.1 Use of the Bhattacharyya distance for Laplacian Noise

The solution for the case of Laplacian noise on a non-fading channel has been examined by

Ogiwara and Irie (1992).  Their technique replaced the squared Euclidean distance with the

Bhattacharyya distance.  In a similar manner to our previous derivations they start with a

bound on the pairwise error event PI, that is the probability that a transmitted codeword Ck is

incorrectly decoded as codeword Cj.  Writing their equation (1):

{ }Pr C C Pk j
I→ < (53)

Assuming that sufficient interleaving is employed so that the noise samples are independent

allows them to derive the bound PI , given by their equation (2):
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The Bhattacharyya distance BD between channel symbols ci
k  and ci

j  is then defined in their

equation (5) as:
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We note from equation (54) that the bound on the probability of error is determined by a

summation of Bhattacharyya distances.  The calculation of the Bhattacharyya distance requires

a knowledge of the appropriate noise distribution Pn(d).  They use a “Generalised Gaussian”

model for the noise distribution (their equation (7)) as:

( ) ( )P d a b dn

m= exp (56)

where a and b are set to give unity total probability and variance.

Ogiwara and Irie note that m = 2 corresponds to Gaussian noise and m = 1 corresponds to

impulsive noise.

We note that their technique is very similar to the one proposed in this thesis.  In both cases a

modified distance metric is used instead of the squared Euclidean distance in the calculation of

the distance profile.  The best codes are those which maximise the metric, requiring simple

addition of the modified distances.  While we chose to compute the distance profile using the

Rouanne and Costello algorithm (1989), they selected the Zehavi and Wolf algorithm (1987).

4.8.2 Derivation of a Search Metric for Laplacian Noise

As before we wish to compute the most probable error event for the code.  Starting with the

probability of noise perturbing each symbol, we substitute the Laplacian distribution in place of

the Gaussian.  The pdf for Laplacian noise with variance σ L
2  is given by:

( )p d
d

n
L L

=
−









1

2

2

σ σ
exp (57)
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Taking the simple channel model shown in Figure 23 on page 53, the received samples are

given by equation (14) on page 53.  By assuming sufficient interleaving of the codeword on the

channel, the noise samples can be made independent.  We compute the probability of moving

from one codeword to another by combining the individual symbol probabilities.  Substituting

equation (57) into equation (22) gives:

{ }Pr expC C dk j

L

l

i
i

l

L
→ =









 − ∑



=

1

2
2

1σ σ (58)

The definition of di ensures that it is always positive, so we can drop the absolute value.

Taking the log and multiplying by σ L 2  gives:

{ }( ) ( )σ σ
σL k j L

L i
i

l

C C l d
2 2

2
1

log Pr log→ = − − ∑
=

(59)

As the noise on the channel decreases, σ L → 0 and the first term on the right hand side of

equation (59) tends to zero (using equation 4.1.31 from Abramowitz and Stegun (1970)).  The

first term on the right hand side of equation (59) can therefore be ignored leaving only the

second term to determine the best codes.  The best codes are those which minimise the

probability of error, which is dominated by the codeword pair which maximises equation (59).

Noting the minus sign, a measure of the code performance is given by:

µ =
≠ =

∑min
C C

i
i

l

k j
d

1

(60)

The selection of good codes requires the maximisation of this metric.  Of greater interest is the

case of Laplacian noise on a Rayleigh fading channel.

4.8.3 Derivation of a Search Metric for Rayleigh Fading with Laplacian Noise

We assume that the channel is described by multiplicative Rayleigh fading.  As for the Rayleigh

fading with AWGN case, the received samples are given by equation (30).  The substitution of

the Laplacian pdf equation (57) into equation (32) leads to:

( ) ( ) ( )

( ) ( )
( )

p d p d p d

d d

d d

n

L R

L R

L R

L R

=

= − −

= − −

∞

∞

∞

∫
∫

∫

α α α α

α σ α σ α

α σ α σ α

α

σ σ

σ σ

0

1
2

1 2 2

0

1
2

2 2

0

2 2

2 2

2

2

exp exp

exp

(61)



91

Completing the square of the exponent:

( ) ( ) ( )( )p d d d
d

R L R
R L
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∞
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exp

exp
2 2 2

22
2 2 2

0
2 2

σ σ

σ σ
α σ σ σ α (62)

Substituting y
d R L

R
= +α σ σ

σ
2 2

 and noting that ( )Q x e dyy

x
= −∞

∫1
2

22

π gives :

( ) ( ) ( )p d d d
L R R L R L= π

σ σ σ σ σ σexp 2 2 2 2Q (63)

Substituting equation (63) into equation (22), taking the log and ignoring terms which are

independent of di gives:
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The best codes are those which minimise the probability of error, which is dominated by the

codeword pair which maximises equation (64).  Noting the minus sign, we state that the best

codes are those which maximise the metric:
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 is a scaling factor which compensates for the σR /σL

ratio.

Figure 42 plots the search metric against the Euclidean distance for several fading to impulsive

noise ratios along with the Laplacian noise-only metric.  When Rayleigh fading dominates we

expect similar results to the case of Rayleigh fading with AWGN and the ‘Fading +20 dB’

curve is indeed very similar to the ‘Fading +20 dB’ curve shown in Figure 30 on page 68.
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Figure 42: Search metric for Rayleigh fading with Laplacian noise

When Laplacian noise dominates we expect the search metric to be very similar to the

Laplacian noise only case.  The ‘Fading -10 dB’ curve appears to be very different from the

Laplacian only result.  This is due to the metric being non-zero when the Euclidean distance is

zero, which offsets the values from the origin.  If we ignore the offset, the resulting curve is

very similar to the Laplacian noise only result.  We need to consider if the offset should be

ignored or included in the calculation.

The effect of the offset in equation (65) is to select codes with longer path lengths over those

using a few widely separated constellation points.  Intuitively this seems correct; comparing the

pdf of Laplacian noise to that of AWGN indicates that there is a much greater chance of

receiving large amplitude noise samples, which will ‘delete’ the symbol.  The error-control

code must be able to recover deleted symbols, in the same way as do codes designed

specifically to cope with channel fading.

Referring to Figure 42 we note another effect of the offset term is to make all the search

metrics very similar regardless of the actual Fading to Laplacian noise level.  The results of a

code search would result in similar codes whether σR /σL = 20 dB or σR /σL = -10 dB.  This is a

significant result which is discussed in the next section.
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4.8.4 Discussion of the Search Metric and Viterbi Branch Metrics

The work of Giles (1994b) indicated that the impulsive noise encountered on the HF channel

limited the BER performance of parallel-tone data modems.  We should therefore undertake

the design of codes assuming the Laplacian noise to be the dominant error source.  This is

achieved by substitution of σR /σL = -10 dB in the code search metric of equation (65).

Figure 42 reveals that the difference between the ‘Fading -10 dB’ and ‘Fading +20 dB’ curves

is only minor; codes designed for one channel will be near-optimal on the other.  This is not a

surprising result, since in both cases the error-control code is required to repair symbols which

have been deleted, whether by fading or impulsive noise.

Section 4.7 presented the derivation of codes suitable for Rayleigh fading channels with

AWGN.  Comparing the ‘Fading +20 dB’ curve from Figure 30 on page 68, with the curves in

Figure 42 reveals a great similarity.  We conclude that the codes listed in Tables 7, 9 and 10

(on pages 78, 83 and 87 respectively), which assumed the Rayleigh fading to be the dominant

error source, will be near-optimal on the Rayleigh fading channel with Laplacian noise,

regardless of the fading to Laplacian noise ratio.  Further we note that this implies that the

R = k/(k+2) codes will out-perform conventional R = k/(k+1) codes in channels subject to

impulsive noise.

Before simulating the codes we need to consider the Viterbi branch metrics.  In section 3.4.2.4

on page 44 we discussed the work of Giles (1994b).  He suggested a number of metrics

suitable for modems experiencing typical HF noise.  He compared the performance of several

Viterbi branch metrics, specifically his ‘Gaussian metric’ which uses the distance squared, |x|2

and his ‘Laplacian metric’, which uses |x|.  He found that the Laplacian metric performed

significantly better than the Gaussian metric in the presence of impulsive noise.  Modifying the

Monte-Carlo simulation to use Laplacian noise and Laplacian branch metrics, Figure 43 shows

a simulation of the R = 1/X m = 4 and m = 6 Rayleigh fading codes from Table 7 on page 78.

As was the case with AWGN, the R = 1/3 8PSK codes out-perform the conventional R = 1/2

QPSK codes.
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Figure 43: Simulation of m = 4 and m = 6 R = 1/X codes (from Table 7) on an ideally
interleaved Rayleigh fading channel with Laplacian noise

Giles (1994b) also suggested two other Viterbi branch metrics, the ‘adaptive Gaussian’ and

‘adaptive Laplacian’ metric.  In both cases the original metric is divided by an estimate of the

noise on the channel (see section 3.4.2.4 on page 44).  The addition of the noise estimate

resulted in additional performance improvements.  A significant point of interest is that the two

adaptive metrics have almost identical performance.  He concluded that the branch metrics for

practical HF modems must include the noise estimate, but could use either the Laplacian or

Gaussian metric.  Combining these findings with the code searching metric adds further weight

to the conclusion that there is little to be gained by designing codes specifically for Rayleigh

fading with Laplacian noise rather than Rayleigh fading with Gaussian noise.

4.9 Conclusion

In this chapter we have derived new metrics suitable for searching for trellis codes on a number

of different channels.  The method was based on determining the probability of the most likely

error event, which ultimately limits the performance of any given trellis code.  The simplicity of

this method allows trellis codes to be designed for specific channels and was applied to both

the additive noise channel and the Rayleigh fading channel, considering both Gaussian and

Laplacian noise.  The resulting code search metrics are summarised in Table 11 (the scaling

factors have been dropped).



95

Channel Search Metric

AWGN µ =
≠ =

∑min
C C

i
i

l

k j
d 2

1

Rayleigh Fading with
AWGN

µ
σ

σ
= +









≠ =
∑min log

C C

i R

Gi

l

k j

d 2 2

2
1

1

Laplacian Noise µ =
≠ =

∑min
C C

i
i

l

k j
d

1

Rayleigh Fading with
Laplacian noise

µ
σ

σ
σ

σ
= − −































≠ =

∑min log
C C

i R

L

i R

Li

l

k j

d d2 2

2
1

2
Q

Table 11: Summary of Search Metrics used for different channels

For the AWGN channel the method revealed the same metric as that proposed by Ungerboeck

(1982).  Significantly it was shown that at finite SNR ratios the new metric could be used to

design codes which out-perform the codes proposed by the Ungerboeck metric.  The

implication was that the metrics could be used to reveal more information about the

performance of the code in realistic channels.

The method was applied to Rayleigh fading channels with AWGN.  The derived metric could

be ‘tuned’ specifically for the channel: when fading is the dominant error source, it was shown

that the new method is closely related to the traditional design method of maximising the

effective length and product distance of the code; while on channels in which the effects of the

Gaussian noise dominate, the new method once again revealed the ‘Ungerboeck’ metric.

Restricting the derivation to M-ary PSK signalling showed that the new method is equally valid

for coherent signalling with CSI or for differential signalling without CSI.

Ungerboeck asserted that near optimal performance could be gained by doubling the number of

constellation points, and that there was little to be gained from further increasing the

constellation density.  On the Rayleigh fading channel diversity significantly improves

performance, so a heuristic argument was used to support the claim that on fading channels the

constellation should be more than doubled.  Applying the new code search metrics when the

signalling constellation is more than doubled, revealed R = k/(k+2) codes which significantly

out-perform existing codes with almost no additional decoder complexity.  Simulation was

used to verify the superior performance of the new codes.

Finally the method was applied to typical HF channels, that is those with Rayleigh fading and

Laplacian noise.  This work revealed the significant result that there is very little to be gained



96

by designing codes specifically for this channel.  Codes designed for the Rayleigh fading

channel with Gaussian noise will achieve very similar performance when applied to channels

with Rayleigh fading and Laplacian noise regardless of the noise ratio.  Simulation was used to

verify that the added redundancy of the R = k/(k+2) codes gave them a performance advantage

over R = k/(k+1) codes.
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     Chapter 5

Testing an Efficient 2400/4800/7200 bps HF Modem

5.1 Introduction

This chapter concludes the modem development by incorporating the techniques described in

previous chapters to design a 52-tone modem offering data rates of 2400, 4800 and 7200 bps.

The complete modem has been implemented on a commercially available DSP board, enabling

real-time testing on HF channels.  In this chapter we present the results of testing the modem

on the standard CCIR HF test channels.  The testing reveals its superior performance to

existing high data rate voiceband modems.

In Chapter 3 we described a methodology for designing generic parallel-tone modem suitable

for data transmission over channels which suffer multipath propagation.  Optimising the

modem design for single-hop communications within the Australasian region allowed the

design of a 52-tone modem with a nominal data rate of 4800 bps when transmitting uncoded

QPSK.  The chapter included a lengthy discussion of practical methods allowing an efficient

DSP implementation of the modem.

In Chapter 4 we presented a method which allowed us to design trellis-coded modulation

suitable for the HF channel.  The code designs were optimised for Rayleigh fading with

AWGN, while section 4.8 revealed that the same codes help overcome the impulsive noise

typically experienced on the HF channel.  Application of the new trellis-codes to the 52-tone

modem gives data rates of 2400, 4800 and 7200 bps on voiceband HF channels.

5.2 Modem Testing

The modem testing is undertaken on the Watterson HF channel, using the parameters

recommended by the CCIR (as detailed in Table 1).  Using the replay simulator (Giles and

Willoughby, 1993), Preiss (1996) undertook a study of typical HF channels in the Australasian

region.  His results indicated that the CCIR Good channel is the most representative of the

three CCIR channels, both from the point of view of low multipath spread and slow (0.1 Hz)

fading.

5.2.1 Coded Waveform Configuration

It is important to note that the trellis codes were designed assuming perfect data interleaving,

so the interleaver depth needs to be many tens of seconds to cope with the typically slow
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fading experienced on HF channels.  In practice finite DSP memory requires a trade off

between interleaving depth, code memory length and symbol history.  This was determined as

follows.  In section 3.4.4 (page 47), the “register exchange” Viterbi algorithm was suggested

to reduce the RAM requirements of the Viterbi decoder to a tenth of the computationally

faster ‘traceback’ algorithm.  To reduce the computational load on the DSP, the register

exchange algorithm is implemented in assembly code to speed up the large number of bit

shifting operations.  The actual number of trellises available is then determined by the memory

length, m of the code.

The memory length of the trellis code also influences the interleaver depth.  Ideally the memory

length should be large, leading to the most powerful codes, however the DSP RAM

requirements of large codes limits the amount of interleaving that is possible.  To illustrate the

compromise the DSP has sufficient computational capacity to run m = 8 codes, however better

performance was achieved by limiting the length to m = 7, thereby enabling twice the interleave

depth.

The final consideration is the symbol history stored by the Viterbi algorithm (this is relevant to

either the traceback or register exchange algorithm).  Choosing a large symbol history

improves the performance of the decoder, but requires more DSP RAM.  The desire to

maximise the amount of data interleaving led to the symbol history being restricted to 32

symbols.  For an m = 7 code this equates to a symbol history to memory length ratio of

32/7 ≈ 5.  A more acceptable figure would give a ratio of 10, however using this figure would

halve the interleaving depth, resulting in overall inferior performance.

The overall results of restricting ourselves to m = 7 codes, with the register exchange

algorithm employing 32 symbol history, resulted in a modem with 25 seconds of data

interleaving.  In practice this is probably less than ideally required for the slow fading

experienced on the CCIR Good test channel.

5.2.2 2400 bps

To transmit this data rate requires error-control codes which transmit one bit per symbol.

Suitable codes were listed in Table 7 (page 78).  Using m = 7 the alternatives are the R = 1/2

QPSK code ‘G7’, and the R = 1/3 8PSK code ‘G7 8’.  The results of testing the two codes

over the CCIR Good channel with 25 seconds of interleaving are included in Figure 44.  This

figure reveals that the new R = 1/3 8PSK codes offer a very slight advantage over the R = 1/2

QPSK codes.
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Figure 44: Comparison of the 2400 bps 52-tone modem on the CCIR Good channel with
10 and 25 seconds of data interleaving

For comparison the best 2400 bps MIL-STD-188-110A (1991) modem is also included in

Figure 44.  In this case the single-tone modem was set to maximum interleaving depth, giving

9.6 seconds of data interleaving on the channel.  Figure 44 shows that the 52-tone modem has

a performance advantage of 6 dB when compared with the single-tone modem.  Even when the

interleaving depth of the 52-tone modem is reduced to 10 seconds (also shown in Figure 44), it

maintains a 3 dB performance advantage over the single-tone modem.

The results of testing the R = 1/2 QPSK and R = 1/3 8PSK codes on the CCIR Poor channel

are presented in Figure 45.  The CCIR Poor channel exhibits faster fading and a multipath

delay spread of 2 milliseconds.  The 52-tone modem only just has sufficient multipath tolerance

to function on this channel.  Despite this, the performance still improves 2 dB over that on the

CCIR Good channel.  The MIL-STD single-tone modem performs considerably better on fast

fading channels, and its performance on the Poor channel has improved 4 dB over that on the

Good channel.  Nonetheless the 52-tone modem maintains a performance advantage of just

over 2 dB.
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Figure 45: Comparison of the 2400 bps 52-tone modem on the CCIR Poor channel with
10 and 25 seconds of data interleaving

Referring to Figure 45 we note that on the CCIR Poor test channel the difference between

using 10 and 25 seconds interleaving is under 1 dB.  From Figure 44 the difference between 10

and 25 seconds of interleaving over the CCIR Good channel is closer to 3 dB.  This is cited as

evidence that 25 seconds of interleaving is insufficient on the slower fading CCIR Good test

channel.  We note that in many applications users would not tolerate greater interleaving

depths, so for good performance on practical HF links it is desirable to increase the data

interleaving to the maximum amount that users can tolerate.

5.2.3 4800 bps

Figure 46 shows the results of testing the 4800 bps modem on the CCIR Good channel with

25 seconds of interleaving.
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Figure 46: Comparison of the 4800 bps 52-tone modem on the CCIR Good channel with
25 seconds of data interleaving for different code memory lengths

The m = 7 4800 bps curve shows that the R = 2/4 16PSK code ‘G7 16’ actually performs

slightly worse than the R = 2/3 8PSK code ‘G7’.  This was a disappointing result, so the

memory length was reduced to m = 4 (Figure 38 on page 85 showed this code has a significant

advantage when simulated on an ideally interleaved channel).  This reveals that the R = 2/4

code has a slight advantage over the R = 2/3 code.  The result is explained by considering

implementation losses associated with the narrow Doppler estimator.  The narrow Doppler

estimator is essentially decision-aided, so errors in the decoded symbols introduce noise, which

degrades performance.  Since the Doppler estimate works on the uncoded constellation it must

use the 16PSK signalling points, which are considerably closer together than in 8PSK.  With

m = 7 Figure 39 reveals the relatively modest coding gain of the R = 2/4 code over the R = 2/3

code; the extra loss associated with the noisy narrow Doppler estimate results in overall worse

performance.  For m = 4 codes, Figure 38 reveals a significant gain for the R = 2/4 code over

the standard codes, which remains even after adding the extra implementation loss associated

with the Doppler estimate.  We conclude that for the current modem implementation the new

codes only realise gains when restricted to short memory lengths.

Another significant point is the performance difference between the m = 4 and m = 7 codes.

The longer memory length codes achieve almost 4 dB better performance.  A modem

optimised for good performance should therefore always aim to run the longest memory length

possible given physical constraints (computational load and RAM requirements).  The
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computational saving of the shorter code results in a decoder with about 25% the computation

load of the longer code.  It therefore raises the possibility of low cost variants of the modem

which can be implemented on standard personal computers for amateur band applications.

5.2.4 7200 bps

Channel measurements undertaken by Preiss (1995) for the replay simulator (Giles and

Willoughby, 1993) indicated the feasibility of signalling beyond 4800 bps on a standard 3 kHz

voiceband HF channel.  His recordings indicate that SNRs of around 35 dB are commonly

encountered and can be as high as 45 dB, even over a 20000 km link.  This could support

virtually error free signalling beyond 4800 bps, indicating that higher speed modems are indeed

feasible.

Figure 47 shows the results of testing the 7200 bps modem on the CCIR Good channel.  The

extra computational load for this rate requires the memory length to be reduced to m = 6,

which allows the amount of data interleaving to remain at 25 seconds.  The modem uses the

R = 3/4 16PSK ‘G6’ code listed in Table 10 on page 87.  With 25 seconds of interleaving the

modem achieves a BER of 10-4 at only 25 dB.  The performance on this modem combined with

the SNR measurements of Preiss (1995), reveals that this data rate is practical when good

propagation conditions are encountered on HF channels.
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Figure 47: Comparison of the different 52-tone modem data rates on the CCIR Good channel
with 25 seconds of data interleaving
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5.2.5 Rate Comparision

Figure 47 shows the results of testing all the data rates available on 52-tone modem with

25 seconds of data interleaving on the CCIR Good channel.  For comparison purposes the

MIL-STD single-tone modem using 10 seconds of data interleaving is also included.  The

figure shows that for the same transmit power the 52-tone modem can transmit twice the data

rate (4800 bps versus 2400 bps) with the same BER as the best MIL-STD modem, the single-

tone modem.  On channels where the performance is noise limited the 52-tone modem can

maintain a BER better than 10-4 at SNRs 6 dB lower than that of the single-tone modem.

Either of these results indicates the superiority of the modem.

It is interesting to note that the difference between the data rate curves is greater than that on

the AWGN channel.  In AWGN, halving the data rate would usually result in a 3 dB

improvement in the SNR at which a particular BER is achieved.  On fading channels we see the

redundancy of the lower data rates gives a greater advantage; for example, halving the data

rate from 4800 bps to 2400 bps results in a 6 dB improvement in the required SNR.  This is

further evidence that the heuristic argument presented in section 4.7.2 on page 70 was correct,

on the Rayleigh fading channel increasing the signal redundancy provides improved

performance.

5.2.6 Physical-Layer Automatic Repeat Request Protocol

The multi-data rate capability of the modem enables the rate to be adapted to suit the

prevailing channel conditions.  The development of a suitable protocol to achieve this was

undertaken by myself and David Krause.  This resulted in the physical-layer automatic repeat

request protocol (PARQ) as described by Krause (1997). Figure 48 presents the results of

combining the 52-tone modem with the PARQ protocol.  The curve is obtained from testing of

the full duplex implementation of the PARQ protocol over two independent CCIR Good

channels.  The protocol uses fixed packet sizes of 312 bits, of which the data payload is only

280 bits.  The Tmax figure is the theoretical maximum throughput assuming all packets are

received error free.
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Figure 48: Results of testing of the modem with the PARQ protocol on full duplex
CCIR Good channels

The results clearly show that the inclusion of a 7200 bps modem is indeed practical.  At a SNR

of only 20 dB it is able to provide an error free data throughput of 4800 bps.  Remember that

this modem is employing minimal data interleaving, so while the delay through an ARQ system

is non-deterministic, it is usually significantly less than that required for acceptable

performance without an ARQ protocol (for example the 25 seconds used in Figure 46).

While the demonstrated results are for the full-duplex PARQ protocol, a version using half

duplex has been successfully implemented.  In this case the theoretical maximum data rate is

about 45% of the full duplex rate, due to the 50% duty cycle and switching times in the

transceivers.

5.2.7 Testing on non-CCIR channels

The commercialised version of the 52-tone modem has been extensively tested by

Heywood (1996).  In addition to the standard CCIR test channels he attempted to use the

Watterson channel simulator in a more general way.  After considering the possibility of

getting two channels with exactly the same amplitude, he set up a Watterson model with two

fading paths, but with one 5 dB smaller in amplitude.  The results of the modem testing

showed that the BER was worse than for the CCIR test channels (when employing similar fade

rates).  This result verifies that the design of the modem has indeed overcome the multipath

propagation.  A properly designed modem uses the diversity in the channel to improve

performance.  In this channel the second path has a lower SNR, and was therefore not a
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reliable diversity signal source.  We conclude that the more signal paths received, the better the

modem performance.  Interestingly early frequency management schemes aimed to select

frequencies on which only a single path was propagating, which is now seen to be the wrong

approach.

Due to a component failure in our hardware Watterson channel simulator, testing of the

52-tone modem using diversity reception is not included.  Figure 4 on page 15, taken from Gill

et al (1995), showed the results of diversity testing of the 16-tone modem and the performance

improvement of the 52-tone modem would be similar.

5.2.8 Multi-Dimensional Codes

One solution for high data rate signalling that has been deliberately ignored is the use of multi-

dimensional trellis codes.  These codes offer high code rates, for example R = 5/6 2x8PSK

would give 6000 bps if applied to the 52-tone modem.  Pietrobon (1990) published the results

of an extensive search of these codes for AWGN channels, while Leonado et al (1995) has

extended the work to cover fading channels.  The real disadvantage of these codes is the

computational complexity of the Viterbi decoder.

Computational complexity is determined by the memory length of the code and the numerator

of the code rate.  For the R = 5/6 2x8PSK code there are 25 paths entering each state, with the

decoder being run once every two symbols, giving a complexity O(2m+5)/2.  The R = 3/4

16PSK code has complexity O(2m+3), so for the same computational load, the R = 3/4 code can

have twice as many states and still gives a higher data rate (7200 bps against 6000 bps).  In

addition the multi-dimensional codes performed very poorly when tested by Cook et al (1994).

Finally the problem of interleaving the symbols must be considered.  In Morris and Gill (1997)

a Leonardo R = 3/4 2xQPSK code was applied to the single tone modem.  Performance was

not particularly good due to correlated fading between the channel symbols.

5.2.9 High Speed Modem Variants

This thesis is restricted to the standard 3 kHz voiceband channel, however a variant of the

modem described in Chapter 3 has been implemented using independent sidebands.  This

increases the available channel bandwidth to 6 kHz realising a total data rate of 14400 bps

when using R = 3/4 16PSK.  The Racal RA3792 receiver offers independent sideband

operation each with 6 kHz bandwidth.  Providing that an exciter could be found with a 12 kHz

passband this would enable the described modem to achieve 28800 bps.  It is worthwhile



106

pointing out that in these variants the information is spread across all the tones, effectively

providing frequency diversity to enhance the modem BER performance.

5.3 Conclusion

This chapter has shown the results of combining the parallel-tone modem described in

Chapter 3 with the error-control codes described in Chapter 4.  The resulting modem offers

higher data rates than traditional modems.  On realistic channels the performance of the

complete modem is significantly better than the MIL-STD single-tone modem, offering lower

BER and higher data throughput rates.  This was achieved by the use of an inherently efficient

signalling waveform and the application of appropriate error-control codes.

The application of the PARQ system to the modem indicates that it is possible to get very high

data throughput even at traditionally poor SNR levels.  In addition the PARQ system offers

automatic link maintenance via modem data rate adaption, so that the maximum data rate is

always available.  The modem in conjunction with PARQ provides an ideal basis for Internet-

capable HF systems that offer throughputs much higher than those available from the single-

tone modem using the industry standard FED-STD-1052 (1994) data link protocol.
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     Chapter 6

Conclusions and Further Work

6.1 Conclusions

This thesis has presented the design and implementation of an orthogonal frequency division

multiplex (OFDM) modem suitable for high speed data transfer over HF channels.  The

combination of efficient signal processing with appropriate error-control coding resulted in a

modem with superior performance to existing voiceband HF modems.  The implementation

required the author to develop several new techniques, notably a generic algorithm for

designing OFDM modems, a method to measure and correct frequency offsets using only the

signalling tones and a new method of designing trellis codes for Rayleigh fading channels

which offer superior performance to previously published codes with no additional decoding

complexity.

The thesis commenced with a review of traditional modem formats used for high speed data

transmission on the HF channel.  This review found that there was very little difference

between the uncoded performance of the current MIL-STD-188-110A (1991) parallel and

single-tone modem formats, therefore the parallel-tone format was selected for its

computationally simplicity.  A novel algorithm was presented enabling the design of OFDM

modems suitable for channels which experience multipath propagation.  The algorithm was

used to design a modem suitable for 4800 bits per second data transfer in the Australasian

region.

Several new techniques were developed in order to successfully implement the OFDM modem

in real-time.  The power and bandwidth efficiency of the modem was improved by removing

the Doppler signalling tone traditionally used in parallel-tone modems, requiring the

development of a method to estimate frequency offsets from the signalling tones.  The use of

data preambles for initial signal acquisition was avoided by developing a joint estimator for the

symbol timing recovery position and frequency offset using a small number of symbols.  To

conclude the modem development all the algorithms required to implement a complete OFDM

modulator and demodulator were presented in some detail.

While the OFDM modem solved problems associated with multipath propagation experienced

on the HF channel, the application of suitable error-control coding was required to solve the

fading and interference problems.  A simple method for designing trellis-codes was presented
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based on the calculation of the pairwise error probability.  By critically examining the

assumptions made by other researchers, new trellis codes were developed which significantly

outperform previously published codes on the Rayleigh fading channel without increasing the

decoding complexity.

The simple code design method was compared to traditional approaches; on the additive white

Gaussian noise channel it was shown to produce the same results as that of Ungerboeck

(1982); and on the Rayleigh fading channel it was shown to be similar to maximising the

effective code length and product distance.  An advantage of the proposed technique was that

a simple modification of the distance table allows the same code searching program to be used

to find codes for different channels.  Finally it was shown that the new code searching metric is

equally valid for either coherent or differential PSK signalling.

The new code searching method was applied to typical HF channels, that is ones which

experience Rayleigh fading with Laplacian noise.  This revealed that codes designed for

Rayleigh fading channels would perform well on Laplacian noise channels.  This is a significant

result for modems used on HF channels, since it indicates that there is no design compromise in

the selection of trellis codes for the modem.

The final chapter included the results of testing a real-time implementation of the modem on

standard HF test channels.  This verified that the combination of appropriate error-control

coding with modem waveform design results in a modem which significantly out-performs the

MIL-STD single-tone modem on realistic test channels.  Indeed on the CCIR Good test

channel the new modem enables twice the data throughput with identical bit error rate

performance when compared to the 2400 bits per second MIL-STD single-tone modem.

Much of the work in this thesis was undertaken at the Defence Science and Technology

Organisation (DSTO) while developing advanced HF data communications and a brief history

can be found in Gill (1995).  Finally the modem and codes described in this thesis have been

commercialised by the DSTO with GEC-Marconi and are available as the “high rate enhanced

parallel-tone waveform EPT-HI” in the GEC-Marconi (1996) ARM-9401 Adaptive Radio

Modem.
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6.2 Further Work

6.2.1 Extending the Code Search

The derived code searching method is not restricted to PSK constellations.  There remains an

abundance of work to find new R = k/(k+2) codes for Quadrature Amplitude Modulation

(QAM) constellations on the Rayleigh fading channel.  The first of these would be to use

R = 3/5 32QAM in place of R = 3/4 16QAM.  As outlined on page 86, this requires a redesign

of the code searching program to significantly improve its efficiency.  It was for this reason

that no attempt was made to find R = 3/5 32PSK codes in section 4.7.7.  A more efficient

implementation of the code searching program could be written to determine the gain in

expanding the signalling constellation for high rate codes.

6.2.2 Further considerations when using Automatic Repeat Request

When the work started the intention was to design and implement “the best HF data modems

available in the world”.  By the time we had achieved this aim the problem had changed into

“provide the best access to information”.  This places different requirements on the data

modem.  Most significantly the modem needs to provide two way traffic with relatively low

latency between the transmission of information and its decoding at the other end.

The work of Zhang and Giles (1995) found that trellis coded modulation out-performed block

coded modulation (BCM) for the continuous transmission of data, however the results may not

be the same when employing an ARQ scheme on the link.  Use of BCM could isolate bit errors

to single packets, leading to an improvement in overall throughput of the ARQ scheme.  In

addition the use of block codes would allow all the information to be sent and decoded in a

single transmission (since there is no Viterbi decoder traceback), significantly reducing the link

latency when employing half duplex transmission.  As such this is an interesting area of further

research.

While this thesis has deliberately avoided low speed data communications, a very interesting

possibility is the application of turbo codes.  The performance of these codes is within 1 dB of

the channel capacity, easily outperforming the proposed trellis-codes, but with increased

computational cost.  A low speed modem using turbo codes was described in Zhang et al

(1996) and showed a 2 dB improvement over the convolutional code originally employed.

One problem is the interleaving delay required by these codes, which becomes less of a
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problem as the data rate increases.  The extra decoding complexity could be accommodated by

utilising the hardware turbo decoders which are becoming available.

The work of Kumara and Cook (1994) revealed that the application of ARQ schemes to the

parallel-tone modems work best when the modem employs minimal data interleaving.

Restricting the amount of data interleaving results in correlated fading samples in the decoders,

which violates the initial code design criterion.  This result was verified in Morris and Gill

(1997), where the R = 3/4 2xQPSK code has surprisingly poor performance due to correlated

fading on the two symbols.  The formal derivation of search metrics in the presence of

correlated fading would be a challenging area of research.  Steps have already been taken in

this direction with van Nobelen and Taylor (1996) deriving the pairwise error probability for

the flat fading Rayleigh channel in the presence of correlated fading.  The task of including

their work into the design of new trellis codes has the potential to improve the performance of

data modems employing ARQ on the HF channel.

6.2.3 STAR Constellations

The 7200 bps modem uses R = 3/4 16PSK codes with differential signalling.  The disadvantage

of 16PSK is its power efficiency, leading us to investigate QAM constellations.  Webb (1992)

describes the STAR constellation as suitable for differential signalling (as shown in Figure 49).

16QAM 16STAR 16PSK

Figure 49: Alternative constellations suitable for transmitting 4 bits per symbol

Initial investigations into the 16STAR constellation were very promising.  This was largely

based on the findings of Zhang (1994), which showed superior performance of the STAR

constellation to PSK when differentially encoded on the Rayleigh fading channel.  A practical

implementation with minimal interleaving (and therefore correlated fading) revealed that the

STAR coded modems outperformed the PSK coded modems.  Considering these constellations

with the correlated fading research suggested in section 6.2.2 would appear to be a profitable

area of further investigation.
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Selected Papers

The development of the parallel-tone modems has been published extensively.  We present here

two of the most recent papers.  The first paper represents the culmination of the 16-tone

modem development at the DSTO, while the second demonstrates that the application of

appropriate error-control codes also significantly enhances the performance of the MIL-STD

single-tone modem.

Paper One

Gill M.C, Cook S.C, Giles T.C and Ball J.T (1995) “A 300 to 3600 bps Multi-Rate HF Parallel

Tone Modem”, Proceedings IEEE Conference on Military Communications (MILCOM ’95),

San Diego USA, Vol 3, pp.1066-1070.

The actual modem used for the testing in this paper is the generic modem described in

Chapter 3 configured to look almost identical to the MIL-STD-188-110A 16-tone modem.

The required parameter selections are outlined in Table 3 (section 3.3.6).

Paper Two

Morris S.P and Gill M.C (1997), “Coded Modulation Enhancements to an HF Single-Tone

Modem”, Conf Proc HF Radio Systems and Techniques’97, Nottingham, UK, July 1997,

pp.85-89.

This paper shows that the application of appropriate error-control coding schemes can

significantly improve the performance of HF modems.  I was responsible for the design and

implementation of the error-control coding, while Stephen Morris was responsible for the

implementation and testing of the codes with his implementation of the single-tone modem.

GEC-Marconi ARM-9401 Product Brochure

The modem and codes described in this thesis have been commercialised by the DSTO with

GEC-Marconi and are available as the “high rate enhanced parallel-tone waveform EPT-HI” in

the GEC-Marconi ARM-9401 Adaptive Radio Modem.
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A 300 to 3600 bps MULTI-RATE HF PARALLEL TONE MODEM

M C Gill, S C Cook, T C Giles and J T Ball

Communications Division, Defence Science and Technology Organisation, Australia

Abstract

There have been many HF modems developed for
voice frequency (3 kHz) operation.  To achieve a
certain bit rate it has been customary to select a
particular waveform, error-control code and
signalling protocol specifically for that rate.  This
methodology is unsuitable in adaptive systems, that
regularly reconfigure the modem bit rate, because of
the time needed to re-establish useful information
flow after every configuration change.  In this paper
we describe a 16-tone parallel-tone modem that
avoids this problem by making the information rate
determined solely by the coded modulation selected.
Results are given for rates of 300, 600, 1200, 2400
and 3600 bits per second (bps) on CCIR multipath
fading channels.  The results show that this multi-
rate modem offers superior performance to
contemporary modems while also supporting rate
adaptation.

1. Introduction

The DSTO Adaptive Radio program is investigating
mechanisms to optimise the performance of HF
radio communications over time-varying channels
with the aim of improving military radio links to
the stage where they can form part of larger
networks, particularly those proposing to use
Asynchronous Transfer Mode transmission (ATM)
[1].  This is not a simple task because HF channels
exhibit Rayleigh fading, multipath propagation,
poor signal-to-noise ratios, co-channel interference
and impulsive noise.  The concept being pursued is
to improve detection in the presence of non-
Gaussian noise [2], apply suitably designed error-
control coding schemes, and whenever feedback is
available, apply automatic repeat request schemes
[3] and minute-by-minute link configuration
adaptation to match the average channel conditions
[4].

Different signalling waveforms, protocols and error-
control strategies have been employed by modem
designers over the years, to achieve good
performance for a given bit rate.  While it is
possible to perform configuration adaptation using a
selection of physical and data-link layer
communications standards, it is far from optimal as
re-configuration incurs considerable outages for link
shutdown, initialisation preambles and subsequent
modem and protocol synchronisation.  These delays
can span many seconds which represents a
significant overhead for a system which can
notionally select a new configuration every minute.
This paper presents a more desirable modem over
which to overlay link adaptation control.  The
modem is based on the 2400 bps MIL-STD-188-

110A [5] 16-tone modem waveform but we achieve
much improved performance by applying Trellis-
Coded Modulation (TCM).  Bit rates from 300 to
3600 bps are achieved simply by changing the code
rate.  Modem synchronisation is unaffected by rate
changes making this modem well suited to rate-
adaptive systems.

2. The 16-Tone Parallel-Tone Waveform

The standard 16-tone modem comprises 17 tones,
one for Doppler-shift correction and 16 for data
transmission, as shown in Figure 1.  The data tones
carry Differential Quadrature Phase-Shift Keyed
(DQPSK) modulation at a symbol rate of 75 baud.
Thus the total bit rate is 2x16x75 = 2400 bps.
There is a 4.24 ms guard time at the end of each
9.09 ms active signalling period.  This guard time
allows the multi-path components typically
encountered in HF radio propagation to dissipate
before the next symbol commences thus avoiding
intersymbol interference and obviating the need for
an equaliser.  The guard time does, however, incur
a penalty of 1.7 dB loss of signal power thus
reducing the signal-to-noise ratio of each of the
signalling tones.  Modern implementations of the
modem are performed using a 64-point Fourier
transform which resolves the 16 signalling phasors
which reside from 935 to 2585 Hz spaced at 110 Hz
intervals.  The Doppler shift correction tone is 7 dB
larger than the signalling tones and thus effectively
reduces the signalling tone signal-to-noise ratio by a
further 1.2 dB.  In Additive White Gaussian Noise
(AWGN) the modem performs as predicted by
theory and is 2.9 dB poorer than an ideal DQPSK
demodulator.

All the modems described in this paper use the
same basic waveform but the DQPSK modulation is
changed to suit the TCM scheme in use.  We also
removed the unnecessary Doppler-shift correction
tone because we are able to achieve this function
from the examination of the signalling tones.

935 2585605 Frequency (Hz)

Figure 1 : MIL-STD 16 tone signalling format

3. The 2400 bps Coded 16-Tone Modem

The 16-tone modem has been surpassed in recent
years by the 39-tone and single-tone 2400 bps
modems, also described in MIL-STD-188-110A [5].
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Tests outlined in [4] indicated that most of the
favourable characteristics associated with the newer
modems were in fact attributable to the error-control
coding rather than the waveform per se.  This
inspired us to investigate the potential of the simple,
yet robust, 16-tone format.

The desire to maintain a throughput of 2400 bps
while creating redundant bits for error control
purposes, led us to increase the constellation to
8PSK and apply a range of rate 2/3 error-control
codes [6].  We found that Ungerboeck's [7] 8-state
Trellis-Coded Modulation (TCM) scheme out-
performed all the other codes tried and the resulting
modem had slightly better performance than the
newer modems.  This led us to investigate much
longer Ungerboeck codes [8] and later TCM codes
and decoding metrics specifically designed for
fading channels [9].  The result is a modem which
not only clearly outperforms the competition, but
can also be easily modified to provide immunity to
impulsive-noise [2] and narrow-band interference
[10].

The slow symbol signalling rate of the 16-tone
modem and the use of differential modulation yields
a modem which rapidly synchronises in multipath
channels even with negative signal-to-noise ratios.
Given this robustness and the success of the 2400
bps TCM 16-tone modem, we proceeded to apply a
selection of different error-control codes to achieve
a range of information throughput rates.

4. The Codes

The coded-modulation scheme used for each rate is
given in Table 1.  All the codes shown are
convolutional trellis codes.  The 2400 and 3600 bps
codes are described by their parity check coefficients
h.  The 300, 600 and 1200 bps codecs are derived
from binary convolutional codes which have
traditionally been described by their generator
polynomials g.

A block diagram of the multi-rate encoder is shown
in Figure 2.  The convolutional encoder implements
the convolutional codes shown in Table 1.  The
multi-dimensional signal set mapper then maps the
coded bits into either two, four or eight signal
dimensions (for the 300, 600 and 1200 bps codes
this function also includes a Gray coder, see later).
When multi-dimensional codes are in use, a
commutator is used to feed two dimensions at a time
to the symbol mapper which in turn maps two input
dimensions into the appropriate DPSK
constellation.  This final function also performs the
differential phase encoding for each tone.

R k n= /

R k n= /

Figure 2 : Rate Adaptable TCM encoder

Using the technique outlined in Giles [10] it is
possible to combine the differential decoding
process and the calculation of the metrics for the
Viterbi decoder.  The input to the soft-decision
Viterbi decoder is the squared Euclidean distance
from one of the signalling constellation points,
modified by the last received signal, rk-1.

m r r eek k k= − −1

2
. (1)

where mek is the eth metric at time k

rk is the received signal phasor at time k

e is the expected signal constellation point

Info.
Rate

Code
Rate

k/n

Constell-
ation

States Generators
or Parity
Check

Coefficients
(octal)

Ref

300 1/8 4xQPSK 256 g1=373
g2=353
g3=335
g4=315
g5=277
g6=251
g7=231
g8=227

[11]

600 1/4 2xQPSK 256 g1=365
g2=337
g3=271
g4=233

[11]

1200 1/2 QPSK 256 g1=363
g2=255

[11]

2400 2/3 8PSK 256 h0=417
h1=573
h2=621

[12]

3600 3/4 16PSK 128 h0=211
h1=307
h2=343
h3=337

[12]

Table 1. Coded-Modulation Schemes Investigated.

2400 bps

This is the most developed of the codecs and is
described in detail by Cook et al [9].  The only
difference is that in this implementation the code
used is a rate 2/3 256-state 8PSK trellis code from
Du et al [12].  These codes have been optimized for
fading channels and show significant improvement
over the Ungerboeck codes used in the early
versions.  We decided on a 256-state code as this
could be implemented in real-time on a modern
DSP chip (40MHz TMS320C40).

300, 600 and 1200 bps

These codes are selected from Lee [11], where a
code search has been performed to find the code
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that requires the lowest SNR to achieve a particular
bit-error-rate (BER), interestingly the codes often do
not maximize the Hamming distance.  Although the
codes are convolutional codes, the Hamming
distance can be equated to squared Euclidean
distance when using QPSK signalling, provided a
Gray mapper is used.  For 600 bps the choice is
between R = 1/2 BPSK or R = 1/4 QPSK.  We
choose the later because the R = 1/4 code requires
nearly 0.5 dB less power to achieve a BER of 10-6

on an AWGN channel [11].  A similar argument is
applied to the 300 bps code, however the gain of
using R = 1/8 QPSK over R = 1/4 BPSK is only
0.1 dB.

3600 bps

In order to obtain an effective rate of three bits per
symbol with error-control coding, it is necessary to
expand the signal constellation beyond 8PSK.  It
was decided that although 16PSK is an inefficient
constellation, we would use it for this initial work in
order to avoid the complexities associated with the
use of QAM signalling over a fading channel.  The
code chosen is a two-dimensional rate 3/4 code
published Du et al [12].  The number of states used
in the code was reduced to 128 in response to the
greater computational load of a rate 3/4 Viterbi
decoder.

5. Fading Channel Performance

HF channels are typified by multipath propagation
with Rayleigh fading on each path.  We examined
the coded waveforms over two CCIR [13] standard
paths for real-time ionospheric simulator testing of
HF modems, namely, CCIR Good and Poor which
have fade rates and interpath time delays of 0.1 Hz
and 0.5 ms and 1 Hz and 2 ms respectively.  The
average power of the two paths is identical which
leads to deep frequency-selective fading making this
a harsh test for parallel-tone modems.

The performance of the modem was measured using
a hardware implementation of the Watterson
ionospheric simulator.  While we have reservations
about the ability of this simulator to produce the
required fading power spectral density [14], it was
the only readily available HF test system.

Figure 3 gives the performance of the various
coded-modulation schemes in the slower fading
CCIR Good channel.  Also shown in the figure is an
implementation of the 2400 bps MIL-STD-188-
110A single tone modem with minimal data
interleaving.  Clearly the TCM 16 is significantly
better at 2400 bps.  In fact the TCM 16 modem is
able to provide 50% higher data rate (3600 bps)
with the same Bit-Error-Rate (BER) for the same
transmitter power.  Figure 4 gives the performance
for CCIR Poor channels.  It is important to note
that these two fading channel performance graphs
were created with minimal interleaving (in this case
7 codecs are used).  In practice this would be
reserved for digital voice communications.  Clearly

the lower bit rates would usually be used for non-
time critical traffic such as messages, images, data
and facsimiles, so the interleave depth can be
increased.

6. Interleaving

It is well known that time diversity improves the
performance of coded communications systems in
fading or impulsive-noise channels because the
probability of localised overloading of the error-
control code is minimised.  The usual approach is to
employ a block interleaver where the symbols to be
transmitted are fed into columns.  Once the block is
fully loaded the data is read out by rows.  A second
interleaver is used before the demodulator to restore
the order of the original data sequence.  A practical
difficulty encountered with long block interleavers
is that of synchronisation, since the start of the data
block must be obtained.

To mitigate the problem of synchronisation we have
adopted an alternative method of providing time
diversity.  We effectively run a multiplicity of TCM
codes in parallel.  This technique is simple to
implement and incurs a minimal computational
overhead but a memory overhead which is
proportional to the number of codecs.  No
synchronisation is required because the two
commutators do not have to be aligned.

The multiple codec technique is quite practical for
real-time implementation: we have been able to
implement a 256-state 2400 bps TCM decoder with
more than 400 trellises on a TMS320C40 module
with 360K of static RAM.  Thus interleavers giving
over 60 seconds of delay are readily achievable for
the lower bit rates.

Figure 5 shows the performance of the modem on
the CCIR Good channel when using 20 seconds of
data interleaving.  (The 2400 bps single tone
modem is again used for comparison, but the
maximum interleave depth is only 9.6 seconds).
Clearly the performance of the modem is
significantly better, with the BER reducing to zero
at high signal-to-noise ratios.

7. Fading Channel Performance with space
diversity

Space diversity reception can mitigate the effects of
fading without having to resort to data interleaving.
As such it is ideal for digital voice communications,
where the interleaver delay can not be tolerated.
One significant advantage of the parallel-tone
format is the ease with which space diversity
reception can be implemented.  The separate
antenna outputs are combined at the frame rate of
the modem, not the sample rate, resulting in a very
modest increase in computational load for a
significant performance improvement.

Another advantage of overcoming the fading
without resorting to data interleaving is realised
once the modem is incorporated in an ARQ scheme.
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Research outlined in [3] indicates that the number
of interleavers should be kept small to optimise data
throughput.  This is due to the nature of the error
bursts.  As the interleave depth is increased the
number of errors decreases, but the length of error
bursts increases.  This generally increases the
number of ARQ packets that require retransmission,
reducing the total data throughput.

Figure 6 gives the performance of the modem using
minimal data interleaving, but employing space
diversity reception over the CCIR Good channel.
Clearly the BER is significantly reduced (the 2400
bps single-tone modem is shown for comparison,
but it currently does not offer space diversity
reception).

8. Discussion

The creation of a multi-rate coded modulation
modem arose from the success of the TCM 16-tone
modem with 2400 bps throughput.  This modem
despite its simplicity outperforms all other 2400 bps
HF modems we have tested.  As shown in Figure 3
it achieves a bit error rate of 10-4 at a signal-to-
noise ratio 5 dB lower than the MIL-STD-188-110A
single-tone modem over the CCIR Good channel
when both employ minimal interleaving.  (The 39-
tone and 16-tone 2400 bps modems described in the
same standard never achieve that bit error rate!)  It
is interesting to note that at most signal-to-noise
ratios the 3600 bps mode outperforms the 2400 bps
single-tone modem.

The results for the modems on the CCIR Poor
channel with minimal interleaving are shown in
figure 4.  The faster fading specified for this test
channel tends not to overload the error control code,
leading to better performance.  The same can not be
said of the 2400 bps single-tone modem which
never achieves a BER of 10-4, giving the new
modem a distinct advantage.

Once interleaving is introduced the performance of
the modems changes significantly.  Earlier
simulations indicated that to fully overcome the
slow fading of the CCIR Good channel, would
require about 60 seconds of interleaving, however
the gain decreases above 30 seconds, especially for
lower bit rates.  Figure 5 gives the performance with
20 seconds of interleaving.  At the lower bit rates
the power of the error-control code combined with
the interleaver largely overcomes the channel
fading.  In these conditions the proposed 2400 bps
modem still maintains a 5 dB advantage over the
2400 bps single-tone modem (at 10-4), but now the
single-tone modem is 3 dB better than the 3600 bps
mode.

As discussed above space diversity reception can be
easily added to the proposed modem, the result is a
modem whose high data rate performance is
significantly improved, without incurring the delay
associated with time diversity.  The addition of
space diversity reception to the single-tone modem

requires a significant increase in the computational
load, and currently we have been unable to obtain
an implementation offering this option.  Figure 6
shows that the 3600 bps mode outperforms the 2400
bps single-tone modem by 7 dB.  The 2400 bps
modem outperforms the single-tone modem by 5
dB, even when the latter uses maximum data
interleaving.

9. Conclusion

In this paper we have presented a modem which can
achieve many different throughput rates.  The
performance for rates of 300, 600, 1200, 2400 and
3600 bps have been given for CCIR HF fading
channels.  The limit on the upper bit rate will be set
by prevailing channel conditions.  The lower bit rate
limit is set by the ability of the modem to remain
synchronised and still be able to track input
changes.

The modem is well suited to frequent rate changes
as the synchronisation of the modem frames is
unaffected by the information throughput rate.  If
advance warning is given seamless rate changes
would be possible, otherwise an automatic codec
synchronisation strategy would be required.

The choice of the parallel- tone format gives the
modem the advantage of space diversity reception.
This significantly improves the modem performance
for a very modest increase in computational cost.

This work should be considered seminal, there is
much that can be done to optimise the modem at
each rate.  Firstly, only the 2400 and 3600 bps
codes have been optimised for fading channels.
Secondly, the 16-tone modem uses only 65% of the
available voice frequency bandwidth.  Adding extra
tones would increase data throughput by 50% for a
modest 1.8 dB increase in transmission power.
Modems of this form are currently in preparation.
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Figure 3: Modem Performance on CCIR Good channel,
minimal data interleaving (2400 bps single-tone modem
for comparison)
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Figure 4 : Modem Performance on CCIR Poor channel,
minimal data interleaving (2400 bps single-tone modem
for comparison)
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Figure 5 : Modem Performance on CCIR Good channel,
with 20 seconds of data interleaving (2400 bps single-
tone modem with 10 seconds data interleaving for
comparison)
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Figure 6 : Modem Performance on CCIR Good channel
with space diversity reception and minimal data
interleaving (2400 bps single-tone modem for comparison
- space diversity not available).
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CODED-MODULATION ENHANCEMENTS TO AN HF SINGLE-TONE MODEM

Stephen P Morris and Martin C Gill
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Abstract

This paper will present a modified MIL-STD-188-
110A[1] single-tone modem that achieves better
performance than the standard waveform at higher
data rates.  The higher data rates are achieved by
replacing the standard signalling waveform with
carefully selected trellis-coded modulation schemes.
Bit Error Rate (BER) performance  curves show the
superiority of the waveforms, especially when
incorporated with an automatic repeat request
(ARQ) scheme.

Introduction

The DSTO Adaptive Radio program is investigating
mechanisms to optimise the performance of HF
radio communications over time-varying channels
with the aim of improving military radio links to
the stage where they can form part of larger
networks.  A great deal of work has been
undertaken investigating the advantages of choosing
appropriately designed error-control strategies for
the channel conditions encountered on an HF
channel [2].  This led to the development of several
HF parallel-tone modems based on the MIL-STD-
188-110A[1] 16-tone modem featuring
appropriately selected Trellis-Coded Modulation
(TCM).

In this paper we extend this work to the MIL-STD-
188-110A single-tone modem. This modem has
good performance at data rates of 1200 bps and
below, indicating that the fundamental
implementation of the modem is sound.  However,
at 2400 bps the modem performance is
disappointing due the error-control code specified.
Moreover at 4800 bps, the performance is only
acceptable on very benign channels, because of the
absence of all error-control coding.

The three rates investigated are 2400, 3200 and
4800 bps.  Each rate is achieved through the
expedient of replacing the standard waveform with
appropriately selected TCM codes.  In addition we
address the data interleaving used, with the aim of
achieving the highest possible data rate in the
prevailing channel conditions.

The MIL-STD single-tone

The MIL-STD serial waveform is generated by
modulating a single carrier at a signalling rate of
2400 symbols per second. Root-Nyquist wave
shaping filters limit the signal bandwidth to around
3kHz.

The data symbols are interspersed with known
probe symbols which are used in the receiver to

train the channel equaliser.  At 2400 bps and 4800
bps each 32 symbols of modulated data are followed
by 16 symbols of probe. Thus the useful power lost
in transmitting the probe is 1.76dB. The length of
the probes limits the amount of multipath time
spread the modem can tolerate and is approximately
equal to the duration of the probes, that is 6.5ms.

The MIL-STD single-tone waveform provides data
rates from 75 bps to 4800 bps with three
interleaving depths (0.0, 1.2, 9.6 seconds). The
4800 bps rate uses no error-control coding and as
such its performance is poor on fading, impulsive
noise HF channels. A rate half, memory length 6
convolutional code is used at all other data rates
before interleaving on a bit by bit basis and
mapping onto a BPSK, QPSK or 8PSK
constellation.

Enhanced Single-tone waveform

For all of the enhanced rates given in this paper no
change was made to the standard probe format thus
maintaining the 6.5 ms tolerance to multipath delay
spread.

The ability of the single-tone modem to perform
coherent demodulation, by using the probe signals
to estimate the channel, is a distinct advantage.
Coherent demodulation is much more efficient than
differential demodulation and lends itself to
Quadrature Amplitude Modulation (QAM) formats.

Enhanced Single-Tone Codes

The enhanced modem waveforms are generated
using the arrangement shown in figure 1. For each
data rate the encoder implements the codes listed in
Table 1. The multi-dimensional signal set mapper
maps the coded bits into either two or four signal
dimensions.

3200 bps

This is the simplest of the three codes.  The 8PSK
signalling remains exactly as for the standard 2400
bps modem, but the original R=1/2 convolutional
code is replaced by a R=2/3 8PSK TCM scheme.
This code is selected from Schlegel and Costello
[5].  These codes show significant improvement
with respect to the original Ungerboeck [3] codes on
fading channels.

2400 bps

In order to achieve this data rate an effective bit rate
of 1.5 bits/symbol is required.  This requires the use
of a multi-dimensional code. A suitable list of codes
can be found in Leonardo et al [6].  We selected the
2xQPSK, R=3/4 code.  This allows the modulation
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to be reduced from 8PSK to QPSK, with two QPSK
symbols transmitted for each 3 input bits.

Table 1 - Coded-Modulation Schemes Implemented.

Rate Code
Rate

k/n

Constell-
ation

States  Parity
Check

Coefficients
(octal)

Ref

2400 3/4 2xQPSK 64 h0=064
h1=010
h2=021
h3=153

[6]

3200 2/3 8PSK 64 h0=103
h1=036
h2=154

[5]

4800 3/4 16QAM 64 h0=175
h1=157
h2=153
h3=105

[8]

4800 bps

In order to obtain an effective rate of three bits per
symbol with error-control coding, it is necessary to
expand the signal constellation beyond 8PSK.  The
choice is between 16PSK and 16QAM.  Since the
single-tone modem uses coherent demodulation it is
preferable to use the more efficient 16QAM
constellation.  The code was selected from Du and
Vucetic [8].

Interleaving

Encoder
R=k/n

k n

Encoder
R=k/n

k n

Input
Multi-

Dimensional         
Signal Set          
Mapper

Figure 1: Rate Adaptable TCM encoder with
interleaver.

It is well known that time diversity improves the
performance of coded communications systems in
fading or impulsive-noise channels because the
probability of localised overloading of the error-
control code is minimised.  The MIL-STD modem
uses a block interleaver, which interleaves bits
rather than symbols.  At 2400 bps, each 8PSK
symbol must be converted into three soft decision
binary metrics.  It is these binary metrics that are
then de-interleaved.  In this manner the relationship
between the input bits and the channel symbols is
lost, reducing the coding gain of the standard 2400
bps mode.

In order to maintain the relationship between the
input bits and the channel symbols the interleaver
should only work on symbols.  We achieve this
using a multiplicity of TCM codes run in parallel
[9].  This technique is simple to implement and
incurs a minimal computational overhead but a
memory overhead that is proportional to the number
of encoders and decoders.

Implementation

A full duplex MIL-STD serial modem was built
using a commercially available DSP card with two
TMS320C40 Processors (40MHz) and a 16-bit
audio codec. The enhanced rates were incorporated
as an extension to the MIL-STD modem enabling
automatic baud rate and interleaver detection.

The first DSP was used for the entire transmitter
including the encoder, interleaver and root-Nyquist
transmit filtering. The receive filtering and adaptive
equaliser was also situated on the first processor.
The second DSP was dedicated to de-interleaving
and the Viterbi decoder. The Viterbi decoder uses
the register exchange algorithm. This algorithm
minimises memory usage at the expense of some
processing speed.

Testing

HF channels are typified by multipath propagation
with Rayleigh fading on each path.  We examined
the coded waveforms over two CCIR [4] standard
HF channels, namely, CCIR Good and Poor. These
have fade rates and inter-path time delays of 0.1 Hz
and 0.5 ms and 1 Hz and 2 ms respectively.  The
average power of the two paths is identical which
leads to deep frequency-selective fading making this
a harsh test for the equaliser.

To make the comparison between modems
meaningful, the same interleaver time delay and
code memory length was used for the enhanced
waveforms as for the MIL-STD single-tone modem.
Both the enhanced 3200 bps and 4800 bps rates  use
512 encoders to give a total throughput delay of 9.6
seconds. For short interleaving, 64 encoders were
used to give a delay of 1.2 seconds. The 2400 bps
code uses half the number of trellises to achieve the
same interleave depth.

Performance

In figure 2 we plot the bit error rate (BER)
performance of the modems on an AWGN channel.
The curves are scaled for Eb/N0 so that direct
comparisons can be made between the rates. Note
that the MIL-STD 2400 bps modem (labelled 2400)
performs significantly worse than the enhanced
2400 bps modem (labelled E2400). The Enhanced
3200 bps modem (E3200) is better than the MIL-
STD 2400 bps.  The enhanced 4800 (E4800)
outperforms the standard 4800 (4800) by 5dB.

Figure 3 shows the performance of the enhanced
modems against the standard modem on the CCIR
Good channel with long interleaving. For the same
transmit power the enhanced 3200 bps (E3200L)
achieves the same performance as the standard 2400
bps modem (2400L), but with 33% greater
throughput. The application of a concatenated code
would result in a very robust 2400 bps modem.

Figure 4 shows the modem performance in the
CCIR Poor channel with 9.6 seconds of
interleaving. Here the performance of the standard
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2400 bps modem is acceptable showing an
advantage over the enhanced modems.

Figure 5 repeats the CCIR Good test with 1.2
seconds of interleaving. As for figure 3 there is very
little difference between the standard 2400 bps and
the enhanced 2400 bps and 3200 bps modems.

Packet error rate statistics for 50 byte packets were
also collected. From these measurements the
performance of an ARQ scheme using these
modems can be determined. Note that no bytes were
reserved for ARQ packet headers here. (A 5 byte
overhead would reduce the overall throughput by
about 10%)

Figure 6 shows the throughput of the modems when
tested with an ideal ARQ scheme over a CCIR
Good channel and no interleaving. The packet size
was set to 50 bytes which has been found to be a
good compromise for ARQ packet size over HF
channels [7]. The curves clearly show the
superiority of the enhanced modems over the
standard modems. The enhanced 3200 bps modem
consistently outperforms the standard 2400 bps
modem. Above 12dB the enhanced 4800 bps
modem outperforms the standard 4800 bps modem
by up to 5dB.

Discussion

The performance of the enhanced 2400 bps code is
disappointing.  One of the assumptions in the
design of codes for fading channels is that there is
sufficient interleaving so that each symbol has
uncorrelated fading.  For simplicity we chose to
transmit both QPSK symbols in the same frame,
which violates this assumption. Later
implementations will interleave both QPSK
symbols.

The single-tone modem is well suited to rate
changes as the data rate can be determined from the
probe symbol sequence. This greatly simplifies the
implementation of rate adaptive systems with  the
chance of an incomplete negotiation.

The packet throughput is dependent on the error
distribution rather than the absolute BER
performance. An increase in the size of the error
free period is favourable. In noisy conditions, the
lengths of the error bursts is extended by a long
interleaver thus increasing the packet error rate and
reducing throughput.

Conclusions

In this paper we have presented a modem that
represents a trivial modification to the existing
MIL-STD single-tone modem.  By the inclusion of
slightly different error-control codes it has been
shown to be possible to achieve significantly
improved performance.

Coded waveforms with up to 4800 bps where
demonstrated and tested on CCIR channels. With

long interleaving these modems have a much lower
BER than the standard uncoded 4800 bps.

A significant increase in data throughput can be
achieved using the new coded waveforms with short
or no interleaving.

The modified interleaver structure is not vital to the
design of the modem, but its simplicity and
robustness make it very attractive.  The only
drawback is the extra memory that is required to
store the multiple Viterbi arrays.

This work should be considered seminal, there is
still work that can be done to optimise the modem at
each rate. Interleaving the two symbols of the
enhanced 2400 bps modem would lead to better
performance and new codes for the 3200 bps and
4800 bps rates show promise.
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Figure 2: Performance with ground wave path and
AWGN.
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Figure 3: Performance on CCIR Good channel with
long interleaving.
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ARM-9401
ADAPTIVE RADIO MODEM

ARM-9401: Faster, more reliable transmission
and error free performance.

High capacity 4800bps (coded) over a
standard 3kHz channel

Optimised to operate in ship or aircraft
noise environment

Full duplex, half duplex & simplex

Synchronous half duplex operation

Error free adaptive data rate ARQ mode

Chirp for poor channel conditions

US Military standard waveforms

Serial Tone sync-on-data mode

Optional NATO waveforms

Front panel operation

Windows based control

Field upgradeable software

Built-in test facilities

Transmit Data Faster

The ARM-9401 HF Adaptive
Radio Modem enables faster
and more reliable transmission
than can be achieved with
existing modems.

State-of-the-art adaptive
Automatic Repeat Request
(ARQ) techniques provide error
free performance.

The ARM-9401 provides a variety of
waveforms for high-speed robust
communications. It incorporates
technological advances recently
achieved by the Australian Defence
Science & Technology Organisation
(DSTO). The ARM-9401 is a truly
adaptive modem which will greatly
enhance your communication
capability.

Inclusion of a range of US Military
Standard and optional NATO
STANAG modems ensures
interoperability with existing in-
service modems. The ruggedised
construction of the ARM-9401
ensures its reliable operation in
defence environments.

Modem Waveforms

The ARM-9401 provides software to
implement the following waveforms:

• Enhanced Parallel Tone (EPT)
with and without ARQ

• Chirp
• Serial Tone (MIL-STD-188-110A)
• Single Channel FSK Wide and

Narrow Frequency Shift
(MIL-STD-188-110A)

Enhanced Parallel Tone

Two Enhanced Parallel Tone (EPT)
waveforms, a development of
existing parallel tone waveforms, are
provided for the various data rates. A
high rate waveform (EPT-HI) is used
for the 4800 to 600bps rates and a
low rate (EPT-LO) is used for the
2400 to 300bps rates.  For increased
performance the 4800bps mode
utilises forward error correction with
a 7200bps channel transmission rate.

The ARM-9401 employs a cyclic
interleaver to overcome fading. This
offers greater time diversity for a
given link delay and also avoids
interleaver synchronisation problems.

Chirp

The chirp waveform is a low rate
(75bps) extremely robust modem. It
is capable of operating at very low

(negative) signal to noise ratios
(SNR) and with very large interferers
(both CW and impulsive). This is
achieved through the use of optimum
detection methods. Full use is made
of the redundancy of the chirp signal
that results from using the whole
3kHz bandwidth to transmit a signal.

Serial Tone

The ARM-9401 supports the MIL-
STD-188-110A fixed frequency serial
tone mode with synchronisation on
data.

FSK

The single channel FSK modem
waveform complies with MIL-STD-
188-110A. Narrow and wide
frequency shift options are available.
A mode which allows the user to
select the centre and shift
frequencies in stops of 1 Hz in the
300 to 3000Hz frequency range is
also provided.

Operational Modes

Automatic Repeat Request

The ARM-9401 features an adaptive
ARQ mode that varies the
transmission rate to suit the
prevailing channel conditions. ARQ
operates with the EPT waveforms to
provide error free service which is not
possible with other modems.
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